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Abstract

This thesis treats the analysis and design of CMOS LC and crys¬

tal oscillators for applications in communication systems. Low oscil¬

lator noise and low1 power consumption are very important in wireless

communications. With regard to these contradictory requirements, sys¬

tem optimization is only possible if the relation between the significant

parameters and the oscillator performance is evident. Hitherto, this

knowledge has been insufficient. The aim of this work is to provide

designers with an indepth understanding of the mechanism responsible
for oscillator noise, and to develop an optimized oscillator design based

on CMOS technology. Due to the rapid progress in recent years, this

cost-effective technology has become suitable for analog circuits up to

the low GHz frequency range.

A nonlinear theory which allows calculation of the oscillator ampli¬
tude has been verified by experiment. Oscillator amplitude calculation

is not only required to ensure propei amplitude of oscillator output

signal, but is also necessary for the calculation of oscillator noise.

A theory established for noise calculation of LC Colpitis oscillators

has been expanded to enable analysis of any CMOS LC oscillator. The

theory is based on the condition that the passive network consists of

known linear components and that there is a single transistor. Verifica¬

tion of this theory has been performed by experiments on Colpitts and

Clapp LC oscillators.

To demonstrate the potential of a 1 /.an SACMOS N-well technology,
a fully integrated 1 GHz LC source coupled oscillator is presented. The

quality factor of the coil was improved substantially by removing the

xi



Xll Abstract

silicon underneath. Using the theories mentioned above, the oscillator

amplitude was calculated and the noise estimated. Oscillator noise of

—97 dBc/Hz has been measured at 100 kHz offset from the carrier, at

a current consumption of a few mA. This noise is sufficiently low for

oscillators used in wireless spread spectrum systems.

As a feasibility study on 100 MHz fundamental wave mode crystal
oscillators, two digitally coded fine-trimmable crystal oscillators were in¬

tegrated in a 1 /im double poly CMOS technology. They differ in binary-
coded and thermometer-coded capacitor banks for frequency tuning.
Since LC circuits can be used to model the characteristics of crystals,

analysis and design of crystal oscillators can be performed by the meth¬

ods for LC Clapp oscillators. Fine tuning, wide tuning range and low

power consumption were the main focus of this design. The measured

results meet the required specifications with a comfortable margin.



Zusammenfassung

Diese Dissertation behandelt Analyse und Entwurf von CMOS LC-

und Quarzoszillatoren, wie sie für Kommunikationssysteme benötigt
werden. In der drahtlosen Koinmunikationstechnik ist ein niedriges Os-

zillatorrauschen sehr wichtig, gleichzeitig wird grösster Wert auf einen

geringen Leistungsverbrauch gelegt. Eine Optimierung des gesamten

Systems im Hinblick auf diese zwei weitgehend gegensätzliche Anfor¬

derungen ist nur möglich, wenn der Zusammenhang zwischen den re¬

levanten Parametern und der Qualität des Oszillatorsignals ersichtlich

ist. Die Erfassung dieses Zusammenhangs war untei Verwendung bis¬

heriger Theorien nur schwer möglich. Die voi liegende Arbeit wurde mit

dem Ziel durchgeführt, ein vertieftes Verständnis der Arbeitsweise des

Oszillators zu gewinnen und den Entwmf auf der Basis einer CMOS-

Technologie zu optimieren. Diese Technologie ist kostengünstig, hat in

den letzten Jahren beachtliche Fortschritte erzielt und ist für analoge

Schaltungen bestens bis in den unteren GHz-Beieich geeignet.

Zur Berechnung der Oszillatoramplitude ist im P ahmen dieser Ar¬

beit eine neue nichtlineare Theoiie expciimcntell verifiziert worden. Da¬

durch wird die Voraussagbarkeit des tolcranzbedingten Amplitudenbe-
reiches ermöglicht und eine wichtige Voraussetzung für die Berechnung
von Oszillatorrauschen erfüllt.

Die Verifizierung und Verallgemeinerung der Theorie zur Berech¬

nung des Rauschens von LC-Colpitts-Oszillatoren auf der Basis der Os-

zillatoramplitude ermöglicht die Rauschanalyse eines beliebigen CMOS

LC-Oszillators. Voraussetzung ist, dass das passive Netzwerk aus be¬

kannten linearen Komponenten besteht und nur ein Transistor für die

Verstärkung eingesetzt wird. Die Überpiüfung dieser Theorie ist mit

xm



XIV Zusammenfassung

Experimenten an Colpitts- und Clapp-Oszillatoren erfolgt.

Um das Potential der CMOS Technologie aufzuzeigen, wurde ein

source-gekoppelter LC-Oszillator zusammen mit einer Spule in einer

1/iin CMOS Technologie integriert. Die Güte der Induktivität konn¬

te entscheidend verbessert werden durch Entfernung des Siliziums un¬

ter der Spule mittels Rückseitenätzung. Unter Anwendung der oben

erwähnten Theorien wurde die Oszillatoramplitude berechnet und das

Oszillatorrauschen abgeschätzt. Bei einem Speisestrom von wenigen
mA wurde bei 100 kHz Abstand vom Träger ein Oszillatorrauschen von

—97dBc/Hz gemessen. Dieses Rauschen ist genügend niedrig für den

Einsatz des Oszillators in einem drahtlosen Bieitbandsystem.

Im Rahmen einer Studie wurden zwei verschiedene digital fein-ab¬

stimmbare 100 MHz Grundwellen-Quarzoszillatoren in einer 1 /im Dop-

pel-Poly-CMOS-Technologie integiiert. Sie unterscheiden sich durch

eine binär- beziehungsweise eine thermomet erkodierte Kapazitätsbank

zur Frequenzabstimmung. Weil ein Grundwellen-Quarzresonator als

LC-Netzwerk modellicrbar ist, konnten dieselben Methoden für Analy¬
se und Entwurf angewandt werden wie für Clapp LC-Oszillatoren. Für

den Schaltungsentwurf stand die Feiiiabstimmimg bei gleichzeitig gros¬

sem Abstimmbereich und niedrigem Stromveibrauch im Vordergrund.
Die gestellten Anforderungen wurden von beiden Oszillatoren mit Re¬

serve erfüllt.
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Introduction

High performance oscillators are widely used in modern communication

systems. While digital data transmission systems require oscillators

with high frequency accuracy in wireless communication systems, not

only very precise frequency but also low jitter and low noise are im¬

portant oscillator requirements. Oscillators which meet these demands

often increase system cost substantially due to complex design and pro¬

duction. As the rapid progress of technology enables more and more

complex circuits to be integrated at ever decreasing cost, new possibil¬
ities have to be studied and feasibility of new concepts be proofed. In

recent years, the Complementary Metal-Oxide Semiconductor (CMOS)
technology, which is highly cost-effective, has improved rapidly with re¬

spect to circuit speed and density due to the reduced minimum feature

size.

Today, not only base band functions, but also substantial parts of

the RF circuits, are usually integrated in bipolar technologies thanks to

their high transit frequency, which is some ten GHz. While the 1 /im

SACMOS technology achieves a fmax of L2 GLIz, a 0.25 /mi process

achieves a fmax in the order of 40 to 50 GHz. Therefore. CMOS begins
to become a competitive technology for RF circuits at I to 2 GHz [35],
[14]. The transconductance coefficient K" increases rapidly with the

reduced oxide thickness which is only a few nano meters in a 0.25 /mi

technology. LIowever, for narrower channel length, the improvement of

1
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Figure 1.1: Keyparameter versus minimum channel length for CMOS

process: a) Transconductance coefficients, b) bottom and sidewall ca¬

pacitance of drain and source junctions.

the effective transconductance coefficient, indicated by in figure 1. L a),
begins to be much less steep compared to the ideal transconductance

coefficients, indicated by x [35]. On the other hand, the gate source

capacitance for minimum length transistors in the submicron area stays

more or less constant (1 fF/um in saturai ion) as well as the overlap

capacitance (0.2 fFfpm) [35]. An important design parameter in analog

design is the junction capacitance of drain and source area as they
limit the transit frequency ft of the transistor. They are the sum of

bottom and sidewall capacitances Cj and Cjsw, respectively. It is

worth mentioning that one technology shows a significantly reduced

junction capacitance achieved by special processing measures. This is

designated by the grey marks in figure 1.1 b).

This means that CMOS will become attractive for the integration of

local oscillators at low GHz frequencies. Understanding the key param¬

eters that determine the oscillator performance is of crucial importance
in order to simplify oscillator construction while maintaining the re¬

quired quality. Therefore, a main concern of this thesis is to give a

comprehensive treatment of a theory which enables the designer to per¬

form a straight forward design of a CMOS LC or crystal oscillator. This,

mainly under the aspect of signal to noise ratio and power consumption.
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Because no comprehensive theory was available, new oscillator analy¬
sis methods have been developed, which enable determination of the

signal amplitude and noise performance of CMOS oscillators [32], [33].
Specific experiments have been performed to prove the usefulness of

these methods. In addition, highly integrated LC and crystal oscilla¬

tors are presented that prove the feasibility of the CMOS technology
for oscillators used in communications.

1.1 Specifications

To determine the appropriate oscillator type, oscillator signal specifi¬
cations have to be developed with regard to the specific application.
In case of wireless systems, much better fiequency accuracy and much

lower jitter is required compared to wire bounded transmission systems

such as the synchronous digital hierarchy (SDH) or the plesiochronous

digital hierarchy (PDH).

1.1.1 Wire bound communication systems

The digital transmission system SDH. which is synchronized worldwide

to one frequency reference, enables digital data communication to sev¬

eral Gbit/s per link. Drop-in and -out is enabled by the multiplexer and

demultiplexer functions of the PDH which, in Europe, provide up- and

down-links at data rates between 64 kBit/s and 140 MBit/s. Individual

clock oscillators on the local boards contiol the bit rate of digital data

streams while the bits are sent in a legular sequence. These oscillators

have to fulfill stringent requirements on frequency accuracy as long as in

operation because data receivers allow data rate variation only within

a small range. Table 1.1 shows specified accuracy for some hierarchy
levels. If the clock frequency is beyond specification, a synchroniza¬
tion loss will occur and the data transmission will be stalled. Thus,

frequency accuracy is a mandatory requirement for clock oscillators in

a digital communication system.

The clock frequencies at the clown link side of a PDH hierarchy are

synchronized to averages of the data rate of the received data streams.

The synchronization can be achieved using a phase-locked loop (PLL)
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Frame Frequency Accuracy
MHz ppm

~~TU-1 2.048 ±50

TU-3 34.368 ±20

AIM 139.264 ±L5

STM1 155.520 ±20

Table 1.1: Clock oscillator frequency accuracy of PDH hierarchy levels.

circuit with a low cut-off frequency for its transfer function (high Q

PLL). In current systems often tunable crystal oscillators are used, such

as voltage controlled crystal oscillators (VCXO).

If the data stream at the input side is stalled an alarm indication

signal (AIS) should be delivered at the down link side instead of the

data. In this situation the data rate which should be close to the nominal

one has to be derived from a local clock oscillator being at a well-defined

frequency.

In future designs more and more individual required clock frequen¬
cies will be derived from a very precise high frequency reference, usually
a temperature controlled crystal oscillator. However, sometimes no ap¬

propriate clock frequency is available to derive the clock for a specific

hierarchy level of the PDH such as the 34.368 MHz clock. In this case,

an accurate fine tunable oscillator is required, which can be synchro¬
nized to the appropriate average frequency.

1.1.2 Wireless communication systems

The challenge for engineers in wireless communications is to develop

small, light and cost effective systems. A hand-held wireless should

allow continuous operation during a reasonably long period. However,
in a mobile wireless system, power consumption is in contrast to the

required low bit error rate (BFR).

The BER depends strongly on the signal to noise ratio of the demod¬

ulated signal received [64]. It depends on the power and on the signal
to noise ratio at the antenna of the transmitter, on interferences in the

wireless channel and on noise contributions in the receiver path. While
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the signal quality at the transmitter antenna is usually well specified,
noise contributions in the channel can only be estimated on the basis of

assumptions that often have to be adapted by measurements in a real

net.

In a modern cellular network, the transmit ter power is adjusted to a

minimum required value so that the bit error rate at the receiver side is

just below the allowed maxinium. To keep the transmitted power from

adjacent channels as low as possible and to prolong the battery-life of the

mobile, the BER of the system cannot be reduced by increased power at

the transmitter side but by impioved receiver performance. Therefore,
the focus should be on the signal to noise ratio of the receiver.

The receiver requires local oscillator (LO) signals for the mixers that

perform the down conversion of the RF signal. Independent of the re¬

ceiver architecture [1], the LO signal should be as pure as possible and

not be degraded by noise. Otherwise, LO noise within the channel band

width would deteriorate the desired signal at IF. Local oscillator noise

outside the channel band width converts signals of adjacent channels

into the pass band. As the RF power at the antenna of adjacent channels

is often much stronger than the one of the selected channel, substantial

signal degradation of the desired channel could occur. Therefore, a local

oscillator with sufficiently low noise is very important. Suggested spec¬

ifications for the local oscillator signal of two representative standards

arc shown in table 1.2. In contrast to a narrow band channel system, a

receiver that meets the DECT standard can tolerate higher LO noise.

For a local oscillator of a modern wireless transceiver, a further re¬

quirement is a frequency timing range of several percent to cover the

assigned frequency bands for transmitter and receiver. Frequency as¬

signments for some standards are shown in table 1.3. While in a

FM broadcast system the local oscillatois of the receivers do not re¬

quire stringent frequency accuracy, those for a modern wireless cellular

mobile communication system such as GSM are of high demand.

Modern wireless communication systems operate in the low GHz fre¬

quency range and use either TDMA or code division multiplex access

(CDMA). This means that frequency accuracy is a stringent require¬

ment. Today, such accuracy is only provided by crystal oscillators due

to the high Q of the ciystal resonator and the high frequency stability.
As modern wireless systems use multiple frequency channels within a
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system f accuracy noise A/ 1-) spurious A/ '

MHz ppm dBc kHz dBc kHz

—^^ ^0.915 "±öX~to ±0.2"^ ^ïW} ïôô :65 2ÖlT~

935-960 ±0.05 4) -75 400

DECT 1880-L900 25 -100 100 -65 1728

-75 3456

L) Offset frequency from the carrier

2' Corresponds to 1 to 1.5 °rms within 100 Hz to 100 kHz

3-) Mobile station

4) Base station

Table 1.2: Suggested local oscillator requirements for GSM and DECT

standard.

given bandwidth, multiple LO signal frequencies are required. Further¬

more, often frequency hopping is used, which means that the LO has to

change frequency rapidly from one channel to an other one. Suggested

locking time is 88 ns for GSM and 350 ps in case of DECT.

One approach is to use a PLL frequency synthesizer which is syn¬

chronized to a very stable temperature compensated crystal oscillator

(TCXO). For example, the time scheme of the GSM system enables the

appropriate LO signal to be produced from the same synthesizer for

transmitter or receiver. The reference frequency of the crystal oscillator

as well as the local oscillator output signal are divided down to the car¬

rier spacing frequency (channel bandwidth) before applied at the phase
discriminator (PD). In a GSM system, the canier spacing is as low as

200 kHz. The output signal of the PD, filtered from penetrating digital
and other noise by a low pass filter (LPF), controls the frequency of the

vco.

Another important concern on a frequency synthesizer is the ap¬

pearance of spurious signals due to digital noise which can penetrate

the VCO circuit. This noise modulates the oscillator and produces fre¬

quency lines clearly visible in the oscillator noise spectrum. To avoid

these spurious signals, good electrical isolation between digital circuitry
and the VCO circuit is required. So, the maximum not only of noise

but also of spurious tones is specified for a LO as shown in table 1.2.
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Standard Tx band Rx band Channel System

spacing
MHz MHz kHz

IS-54/IS-136 824- 849 869-- 894 30 TDMA/FDMA
IS-95 824-- 849 869-- 894 1250 CDMA/FDMA
GSM 880-- 915 925 -- 960 200 TDMA/FDMA
PDC 940-• 956 810-- 826 25 TDMA/FDMA
CT2 864-- 868 864-- 868 100 TDMA/FDMA
CT2+ 864-• 868 864-- 868 100 TDMA/FDMA
DECT 1880 -- 1900 1880 -- 1900 L728 TDMA/FDMA
CDPD 824-- 849 869-- 861 30 FDMA

Ardis-RD-LAP 806- 824 851 -- 869 25 TDMA/FDMA

Table 1.3: Frequency allocations of wireless communication systems.

It is interesting to note that oscillator noise below the cut-off fre¬

quency of the LFF is suppressed by the PLL while oscillator noise be¬

yond the cut-off frequency is comparable to the noise of the free running

oscillator. As the cut-off frequency is rather low, the noise performance
of the frequency synthesizer VCO is mainly given by the free running
VCO. Therefore, to focus on the design of the VCO is of prime im¬

portance in order to achieve a frequency synthesizer with good noise

performance.

1.2 Objectives

To profit from the advantages of CMOS such as the high integration

density at low cost and the low power consumption, one goal is to in¬

tegrate more and more functionality into this technology. While older

CMOS technologies have been limited with respect to the low transcon¬

ductance and thus to the low transit and maximum frequency, today

integration of RF circuits that operate at l GHz can be performed in this

technology. This has been demonstrated with high frequency oscillators

integrated in 1 p\\\ two metal layer N-well CMOS technologies. Using
discrete components for the external resonator, oscillator performance
is sufficiently high for GSM application. A feasibility study on highly

integrated LC oscillators with on-chip inductors shows that phase noise

is low enough to be tolerable for a spread spectrum system.
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It is important to the designer of integrated LC oscillators that os¬

cillator performance can be predicted on the basis of technology data

and the components used. Because a comprehensive oscillator theory
could not be found, dedicated measurements on particular CMOS test

oscillators have been performed to support the development of the new

oscillator theory published in [32] and [33].

For a circuit simulator, such as SPICE, a suitable model for the coils

is required. It should be possible to fit the parameters of this model

to the characteristics of coils achieved either by measurement or by 2

1/2 D or 3 D field simulations. However, the well-known model used

for technologies such as GaAs is not appropiiatc for the coils integrated
in a CMOS technology with heavily doped wafer material. To solve

this problem, a model on the basis of the transformator model has been

used which fits the characteristic of the coils in the frequency range of

interest.

At f GHz the Q factor of the coils integrated in a CMOS technology
with heavily doped wafer material is limited to low values due to loss

caused in the substrate. To overcome this problem, micro machining
has been performed to remove the lossy substrate below the coils.

As far as the technology used is appropriate for digital as well as for

sensitive analog circuits, a single chip solution will be achievable if the

substrate of the analog circuits can be prevented from digital switching
noise. The question arises if micro machining paves the way to perform
substantial isolation from cross coupling. To evaluate the effectiveness

of this method, a specific test circuit has been integrated and micro

machining has been performed on fabricated chips by etching a trench

into the substrate around the analog test circuit. The substantial re¬

duction of cross-coupled switching noise by application of this method

is documented by experimental results.

In a wireless, usually the local oscillator has to provide a wide tuning
range, whereas the signal is synchronized to a very accurate reference

oscillator. However, in pagers which meet the POCSAC standard, a

local oscillator signal of only one frequency ranging from 150 to 900 MHz

but with a high frequency accuracy of less than one ppm is required.
This signal can be produced at good quality by frequency multiplication
of a crystal oscillator signal with its frequency between 78MLIz and

100MHz [62].
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Due to the latest improvement in crystal manufacturing, fundamental-

wave mode crystals can be used at these frequencies. In this case,

a highly integrated crystal oscillator with only the crystal off-chip is

feasible. According to requirements from industry partners, digitally
fine tunable high frequency crystal oscillators have been integrated and

tested. The measured results prove the potential of such oscillators that

meet the specifications with a comfortable margin.

1.3 Concept

Chapter 2 discusses in a brief review available theories on LC oscilla¬

tor analysis with respect to oscillatoi start-up, amplitude and noise.

Although the design of LC oscillators is one of the earliest fields in

electrical engineering, none of these theories deliver a comprehensive
treatment of the subject. Nevertheless, the presented theories are use¬

ful because they consider important aspects which have to be taken into

account to achieve a LC oscillator with the appropriate specifications.

In Chapter 3 oscillator theories are treated thoroughly with respect
to signal to noise ratio, oscillator amplitude and power consumption.
Measurements of oscillator amplitude are performed which proves the

benefit of the theory in [32]. To prove basic assumptions used in [33],
the transimpedaiice between source node and ground of running Col-

pitts and Clapp oscillators have been measured and compared with cal¬

culations. Verification of the oscillator theory in [33] is considered and

its application to CMOS LC Colpitts and Clapp oscillators is demon¬

strated.

The measured results of rectangular spiral inductors, integrated in

the 1 /mi SACMOS N-well technology, are presented in Chapter 4. A

simple electrical model is suggested of which the parameters can be

fitted to the measured results. The measured results of integrated coils

before and after application of postprocessing are documented, where

substantial Q factor improvement has been achieved. The use of such

inductors has been proven by a highly integrated 1 GHz LC oscillator.

The measured results show the feasibility of CAIOS oscillators for RF

communications at 1 GHz.

A method is presented that performs isolation from cross-coupled
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digital noise through the substrate into sensitive analog circuits. Par¬

ticular experiments are discussed wdiich show on one hand the feasibility
of this method and on the other hand the efficiency of shielding of analog
bond pads from digital substrate noise.

The design of a fully integrated crystal oscillator, fine tunable with

sub ppm accuracy, is presented in Chapter 5. Characteristics of funda¬

mental share wave mode crystals are discussed as well as the analysis
and implementation of the active circuit. Emphasis is on the oscilla¬

tor frequency timing with respect to wide timing range, high tuning

accuracy and low power consumption.

The summary in Chapter 6 discusses the most important results of

this thesis.

Appendix A covers the application of the nonlinear theory [33] ou

any LC oscillator tank structure. For this reason the voltage response

on injected noise current has been formulated in a more general way.

As an example, using omissions similar to those used in [32], a simple
formula for the voltage response on injected noise current of the Clapp
oscillator is achieved.

The analysis in Appendix B describes the application of the method

used in [32] for determination of the amplitude of a source coupled
oscillator. By use of some additional assumptions, the optimum width

of the transistors can be determined whereas only one simple equation
has to be solved numerically.



Chapter 2

Oscillator Analysis

The prediction of oscillator amplitude and current consumption at steady

state and of the oscillator noise spectrum are important to the designer.
To guarantee oscillation start-up and appropriate oscillation amplitude
the designer needs simple methods for analysis. A further requirement

is the knowledge of the relation between the oscillator noise performance
and the characteristic of the components used. For this purpose, sim¬

ple oscillator analysis methods as well as clearly stated formulas are

of crucial importance to enable the system designer to determine the

appropriate topology of the system, with respect to constraints such as

power consumption, volume, weight and cost.

The purpose of this chapter is to familialize the leader with different

theories on LC oscillators. Due to the large variety of oscillator analy¬
sis methods and theories which have been published in recent decades,

some representatives and their basic assumptions as well as their limita¬

tions are briefly discussed in this chapter. Since most theories treat the

oscillator behavioi only from a specific point of view, several of them

are considered here. Starting from the linear second order LC oscilla¬

tor model, more and more complex models are introduced that include

higher order resonators, or which involve the nonlineaiity of the gain

providing component.

Due to the complexity of noise analysis, in a first step basic AM

and FM theory is treated. Then theories based on the assumption that

11



12 Chapter 2. Oscillator Analysis

ifflf(V)

'eq

a h)

Figure 2.1: a) General form of a Colpitis oscillator, b) general form

of a Hartley oscillator, c) general form of a Meissner oscillator.

the oscillator amplitude is regulated by an AGC are discussed. Recent

contributions take iionlinearities into account, which are responsible
for up-conversion of low frequency noise. Finally, a brief review on

dominant noise sources of passive lesonatoi components and CMOS

transistors is given for completeness.

2.1 General LC oscillator circuits

Oscillators for communications purpose often consist of a passive res¬

onator circuit formed by a LC network, a transmission line, a ceramic

resonator or a crystal resonator and an active gain providing component

with usually a nonlincai characteristic. Beside the passive resonator,

which serves for a defined oscillator frequency, the active device com¬

pensates for loss of the passive components to sustain oscillation. Since

such oscillators can often be classified into one of the three basic LC

oscillator circuits with its simplified schematics shown in figure 2. L a)
to c), further analysis is based on them.

2.2 Feedback model

One simple model is the so-called feedback model in figure 2.2 b). By

simplification of the oscillator circuit into the form in figure 2.2 a) linear

as well as nonlinear analysis can be performed.
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eq

\(t) '«c(t)

CeqÛGeq(bf(V)
"R(t> ÎIaW I

a

Figure 2.2: a) Simplified equivalent LC oscillator model, b) Feedback

model.

2.2.1 Linear analysis

Assuming the linear relation Ia (t) —

—gmV{t) between the current

Ia{ï) and V(t), the differential equation 2. L describes the behavior of

the model circuit in figure 2.2 a) where a\. ao and b\ are given in eq. 2.2.

d2V(t) dV(t)
F «i

dt2

G

dt
loV(t) b-

dl(t)
~db •1)

a-i =
eq 9i

C

L

t n±jlq^-cq

6i
-

1
«2 - 1—77-« öl

=--

-FT (2-2)
'eq

Ljlq*~cq

eg

By selecting a set of internal state variables x\(t) = V{t) — boï{t),
%2(t) = xi(t), cq. 2.1 can be expressed in form of eq. 2.3 the so-called

"state equation in normal form'' and eq. 2.4 the "output vector" where

ui(t) = I(t), u2 = /(£), b0 = 0, b2 = 0 and x(t), x(t), A, B, C and D

are given in eq.2.5 to eq. 2.10.

±(t) = Ax(f) + Bu(t)

V{t) = Cx(t) + Du(i)

jc(i) =

k(t) =

.

H*)
.

A
JTX.

1

r~

to

L

-ax

B

C

D

0 0

b2 — O2^o ^i ~~ ai^o

1 0 ]
&o oUfo 0

0 0

0 bi

(2.3)

(2.4)

(2.5)

(2.6)

(2.7)

(2.8)

(2.9)

(2.10)
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According to [63], the homogeneous solution of eq. 2.1 results in the

three different solutions eq. 2.11 to eq. 2.13 dependent on the constants

a\ and a,2-

Case 1:

Case 2:

2
LÜ =

0-Ï

4

V(t) == e ~ï~ (ki sm(ujt) + ko

2
UJ -

2

or

=
-1

- 02 > 0
4

V(t) == fcie^-^-f fc2e(-w

fc2cos(o;i)) (2.11)

-^•)* (2.12)

a\
Case 3: -f = «2 > 0

±

V(t) - e^fat + h) (2.13)

As long as a\/A — 02 <. 0, oscillation will occur. When a\ j 0 oscillation

will grow while a constant oscillation is achieved with zero 01. With

positive oi, the system will follow an applied step function with an

overshooting and undershooting exponentially decreasing oscillation of

frequency u).

If o,i/4 = 0,2, then the system is critical clamped, which means that

the system follows a step function at u(t) as fast as possible but no

overshoot and no oscillation occurs.

In the case of af/4 — 02 > 0, the system is overdamped, which means

that the system follows a step function u(t) more slowly compared to

the critical damped system. No oscillation is possible.

Although the description in state equations is useful for numerical

calculations, it is not required for the oscillator designer, as linear dif¬

ferential equations can be analyzed analytically in general up to the

second order and in particular cases even up to the fourth order. For

example, describing the current Ii(t) in the circuit in figure 2.2 a) by
the differential equation 2.14 leads to the solutions cq. 2.16 and eq. 2.17

where f{V) is assumed to be gmV(t).

h(t) + ajL(t) + a2IL(t) = u2l(t) = 0 (2.14)

GLn ~

9m

C'Cq XJeqCyeq
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hit) = e" 2Ceq (ki sin(o;f) + k2 cos{ut)) (2.16)

--{(^ï-lk (2-17)

This solution is widely used [69],[18], [73] as it allows prediction of the

start-up requirement (Barkhausen criterion).

Although this model allows prediction of start-up for oscillators with

a second order tank, it does not allow calculation of the amplitude.

Furthermore, it limits the view on noise characteristic for practical os¬

cillators and may lead to false conclusions, as in the case of Colpitts or

Clapp oscillators.

2.2.2 Stability analysis

One way to examine oscillator start-up is to determine the poles of the

circuit. Stability inquiry can be performed either by plotting the root-

locus of the expression 1—T(s) as a function of the transconductance gm

or by recalling the Nyquist criterion [27]. Advantageous, as compared
to the previous approach, is that effects due to higher order are taken

into account. However, this kind of analysis usually requires numerical

calculation. Furthermore, the model is limited to linear analysis; but

usually, the transconductance of a CMOS transistor is highly non-linear.

2.2.3 Linearization

One approach to the use of linear analysis with nonlinear active com¬

ponents is to linearize the transconductance of such components in the

operation point [18]. This method is limited by the fact that the rela¬

tion between oscillator amplitude and the equivalent gm is not known.

Thus, no prediction of the final amplitude is possible.
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a

Figure 2.3: a) Oscillator circuit with parallel load conductance G, by
Oscillator circuit with load resistance R$ in series.

2.2.4 Van der Pol equation

Contributions to nonlinear theory have been made by Van der Pol [78],
[79] for a regenerative tiiocle oscillator as shown in figure 2.3 a) and b).
In [79] the use of the cubic equation 2.18 is suggested for the anode

current I(V) of the tiiocle, where V is the vaiiable pait of the anode

voltage.

I(V) = ^giV + g2V2^ g3Vc (2.18)

It is assumed that the oscillator bias point is in the middle of the

negative-resistance region (inflection point) and that, therefore, the

quadratic term can be omitted (g2 — 0). According to [18] reformu¬

lation of the basic differential equation by substituting several vari¬

ables leads to eq. 2.19. the so-called Van der Pol's equation, wheie the

scale of the time has been changed by i— ajct and the scale of V by
V' = 3g3V{t)2/{9l-G).

d2]r'

ch"
l-V

-\ (

17
v' = o ;2.i9)

-= LOrt .
uJT =

LC
e —

9i
- G

;2.20)

The solution leads to the amplitude vq at the anode of the triode, the

initial build up late rL and the final oscillation frequency loc in eq. 2.21.

V0 -
1

UJf. —

sfLC
(2.21)
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If the circuit model in figure 2.3 b) instead of a) is used, the amplitude

vo is given by cq. 2.22 [79].

Vo = yÊj7{gi~Rsi? (2,22)

However, I(V) for the active component is a strong function of the

bias condition. In contrast to a linear amplifier, the transistor in an

oscillator usually operates rather like a switch with a specific duty cy¬

cle (class-C mode) than like a linear transconductance. Moreover, the

operating point of the transistor depends on the oscillator amplitude be¬

cause I(V) = I(Vgs) for the CMOS transistor is of the form in eq. 2.23

as long as operation is in the saturated region.

I{Vgs) ^ { (VGS - Vt)2 otherwise
'

(2"23)

Furthermore, no inflection point is known as long as the oscillator am¬

plitude is not limited by the supply voltage or extreme operating condi¬

tions. In another appioach, Van clor Pol assumed a quadratic function

of the form eq. 2.21 for the active component in [78].

I(y)=--go + g2V2 (2.24)

But also this function does not represent the characteristic of the MOS

FET. So neither approach, the one given in [78] and the one in [79],
helps to derive the amplitude of a CMOS LC oscillatoi.

2.3 Third-order feedback system

To achieve a negative conductance which compensates Geq one of the

circuits in figure 2.1 a) to d) can be used. In case of the Colpitts oscilla¬

tor in figure 2.1 a), the active component in combination with the two

capacitors C\_ and C'2 provides the negative conductance. Alternatively,
the Hartley oscillator [3] can be used where C\ and C2 are replaced by
L]_ and L2 as shown in figure 2.1 b). While in the past, the Meissner

circuit in figure 2.1 b) was popular [69] for oscillators with tubes, today
designers prefer the Colpitts oscillator, proposed 1915 by Colpitts, as

capacitors are less expensive than coils or tiansformers. Furthermore,
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Figure 2.4: a) LC Colpitts oscillator, b) Crystal Colpitts oscillator.

capacitors are easy to apply and usually show a better quality factor

Q than coils. So, further analysis will be based on the Colpitts oscil¬

lator circuit shown in figure 2.4 a) while the capacitors C\ and C2 are

assumed to be lossless. Due to the simplified model in figure 2.1 d) one

might anticipate that the Colpitts oscillator is a second order system.

However, the Colpitts oscillator is a third-order feedback system given

by eq. 2.25 to eq. 2.27 [70].

Reqll + Leqlh ~ V + V2

C2V2 + Il = f{V)

(2.25)

(2.26)

(2.27)

Since a general solution of this system is not feasible, one approach is

to linearize the function f(V) of the active component.

2.3.1 Linear analysis in time domain

Assuming f(V) — g±V, where g± being a constant transconductance,
from eq. 2.25 to eq. 2.27 the differential equation in eq. 2.28 follows

with its coefficients ci\ to 03 given in cq. 2.29.

Vr(3) + mV + a2V + a3V - 0 (2.28)

R
oi =

eq

L
eq

cm =
d + C2

LeqCiC2
O3 -

9\

g g
Cy 1 Cy 2

(2.29)
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To find a solution for eq. 2.28, the term V = k eXi can be introduced

into cq. 2.28 delivering the characteristic polynomial in eq. 2.30 with

the solution in eq. 2.31.

P(\) = A3 + oiA2 + o2A + o3 (2.30)

V = AqeAl' + k'2eatel3i 4 k'?>cafe->ßt (2.31)

The three solutions Ai to A3 have one leal solution for Ai and one con¬

jugated complex solution a ±ß for A2 and A3. Because a real solution

appears, eq. 2.33 is achieved, which is accomplished by separating the

solution for Ai from eq. 2.30. This will lead to eq. 2.32 according to

[63]. The constants Aq, k2. k3 depend on initial conditions of the oscil¬

lator. In order to determine Ai, tq, 60 and ^, a coefficient comparison
between eq. 2.32 and eq. 2.30 delivers eq. 2.31 and eq. 2.35. Note, that

a in eq. 2.30 equals -b\ and ß in eq. 2.30 equals to. bo determined

analytically from eq. 2.34 leads to three solutions. One for 6q is real

and should be used for Ai in eq. 2.35 while the other two are complex

conjugates and should be used for b± — -a and u — ß in eq. 2.35.

P(A) = (A-Ai)(A2-l-2M4 60) (2-32)

V -= ÄqeAlt + e~blt{k2coscüt -4- hsinwt) (2.33)

6q — 02^0 + a3ai^o —

03 = 0 (2.34)

Ai=-^ h = -~^. uj^^fbo-H (2.35)

To achieve oscillation at a constant amplitude, the first term in cq. 2.33

should vanish, which requires negative Ai. and the second term should

allow oscillation at a constant amplitude fulfilled by zero b\. (Barkhausen
criterion). These constraints inserted into eq. 2.34 and eq. 2.35, lead to

to = \/bf) where bo = a2. Ai = —03/02 and 03 = aia2. The latter expres¬

sion is a condition to hold the Barkhausen criterion. Substituted back

into eq. 2.29 leads to the ciitical gain (amJ of the active component

as shown in eq. 2.36. To enable oscillation start-up, the time constant

I/61. must be negative, which means that gq must be larger than gn%c.

Req(Cl 4- CS)
D ri ri 2 , 2 CiJrC2 , ,

gmc =
—'—-

=

ReqCit2Lu , where ur =

j———- (2.36)
^eq lJcq(-'l(^2



20 Chapter 2. Oscillator Analysis

It is interesting to note that the third order model predicts an expo¬

nentially decreasing voltage component of V with time constant 1/Ai =

Leq/Req when a change of the initial condition occurs according to the

first term in eq. 2.33 [70]. Such variation will occur if charge is injected
into the node B in figure 2.4 a) due to a noise process. In a real os¬

cillator, the decaying voltage component which has an influence on the

biasing of the active element, not only affects amplitude but also os¬

cillator frequency to. The latter happens because 03 varies due to the

nonlinear characteristic of f{V). A change of 03 causes 60 and b\ to alter

which influences u> as shown in eq. 2.35. However, the linear model for

f(V) assumes a constant gain g\ which leads to constant 03, bo, b\ = 0

and, therefore, to constant amplitude and frequency. Although linear

analysis is suitable for determination of the start-up condition, it does

not allow prediction of oscillation amplitude nor does it allow adequate
noise analysis. Therefore, the nonlinear characteristic f(V) of the active

component should be take into account.

2.3.2 Analysis with non-linear active component

Usually, bipolar or MOS transistors are used to provide the gain in Col¬

pitts oscillators. One approach in dealing with the nonlinearity of these

elements is to approximate the characteristic I(V) of the active device

as shown in eq. 2.37. To limit the complexity of oscillator analysis, I(V)
can be approximated taking only terms up to the third degree. Using
this approximation, the differential equation of the oscillator in eq. 2.28

expands to the one in eq. 2.38. The coefficients b2 and 63 in eq. 2.39 are

produced in addition to the coefficients «1 to a^ in eq. 2.29.

I(V) =giV + g2V2 +9iVs -4-... (2.37)

C(3) + 0lC + a2V 4 asV + b2V2 + b3V3 = 0 (2.38)

b2 = LC^- h = Ick (2-39)

One approach to solving eq. 2.38 is to use the solution according to

eq. 2.40 [70]. If the resonator has a high Q the functions z{t)) rq(£)
and <f>(/4 are slowly varying such that their second and higher order
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iÇz2

Figure 2.5: a) Simplified Clapp oscillator schematics, b) Negative
resistance-model, c) Three point oscillator model.

derivatives can be neglected. In this case, higher harmonics 2o>c, 3a>0
... can be neglected as well.

V{t) = z(t) + ri(f) cos $(£) (2.40)

Substituting V in eq. 2.37 by eq. 2.40 and separating the terms into three

groups cos $, sin <F and the rest of the terms, a set of three equations are

delivered to solve the unknown z ?q and <3>. From these equations steady
state can be derived by setting ~~L

= 0 and ^| = 0. According to [70],
numerical simulations have shown that z(t) is a decreasing oscillatory
function with shifting frequency. However, a manageable analytical
solution for z(t) is not reported. As a general solution of eq. 2.38 for

the Colpitts oscillator with a nonlinear active component would lead

to very complex expressions which are not suitable for the designer,
another approach has to be found.

2.4 Higher order LC oscillators

As Clapp oscillators show improved performance [36], it is important
to extend analysis which includes this oscillator type. Its simplified
schematics is shown in figure 2.5 a). Clapp oscillators are used to achieve

high frequency at moderate values for the inductance Ls while being
independent of the values for C\ and CS bv introducing a capacitor Cs-
Under specific circumstances the resonator Q may be increased using
this approach [15]. The model circuit is also useful for the analysis of

high Q oscillators which use a ceramic resonator or a crystal resonator

for the tank-circuit. One helpful method for oscillator analysis of this

i

1

v(pw

= c2

1

Jl

V
a

IE

a b]
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a) b)

Figure 2.6: a) Clapp oscillator with additional stray capacitance C3,

b) Three point oscillator model

complexity is the use of the Negative-resistance model [58]. It is widely
used for high frequency oscillators in the microwave region.

2.4.1 Negative-resistance model

The negative-resistance model shown in figure 2.5 b) is usually applied
in the frequency domain where the impedance Zp stands for the passive
oscillator part while Za stands for the active part. It allows determina¬

tion of oscillator start-up condition from the sum of the two resistances

Zt — Zp + Za = 0. Necessary but not sufficient conditions for start-up

are given by eq. 2.41 and ecp 2.42.

Ra(ujs) + Rp(u?b) <0 (2.41)

Xa(ua)+XPM=0 (2.42)

Notice, that the function Zf(s) can be of higher order with several roots

in the denominator. In this case the circuit could be stable and no

oscillation would occur even when eq. 2.41 and eq. 2.42 are fulfilled [27].

Three-point oscillator model

In a real Colpitts or Clapp oscillator design, often the unwanted stray

capacitance C3 shown in figure 2.5 a) cannot be neglected. In this case

a suitable method to handle oscillator analysis that includes C3 is the

so-called three-point oscillator model shown in figure 2.5 c) [81]. As the
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t lm{ZA}

a

Re{ZA}

b)

Figure 2.7: a) Complex plane representation of Za, b) Complex plane

representation of Za for lossless Z\, Z2 and Z3.

name indicates, linear impedances are placed between the three nodes

of the gain providing transistor. The oscillator circuit can be divided

into two sub-circuits as shown in figure 2.6 b). Ci, C2, C3 and the

transistor M\ with the gain gm are considered as part of the active sub

circuit and form the impedance Za- This impedance shows a negative
real part, which compensates the real part of the impedance Zp formed

by the passive sub-circuit [81]. The latter, formed by Ls, C's and Rs,

mainly determines the oscillator frequency. Notice, that in the case of

a crystal oscillator the static capacitance Co is assumed to be part of

C3. The impedance Za of the active circuit is given by eq. 2.43.

Z.x =
zjj/>3 q- /j2Zj3 4- gm/ji/j2Zi3

Z\ + Z2 + Z3 + gm Z\Zi2
(2.43)

Re{ZA} =
—,-

gmCiC2

(9mc3)2 + (J2(dc2 + c\c3 + c2c3y
(2.44)

The impedance Za is a bilinear function of gm. Thus the locus of Za

is a circle in the complex impedance plane. Figure 2.7 a) shows the

impedance Zp which lies on a vertical line because Rs is constant and

the imaginary part of ZP varies with frequency. When eq. 2.41 and

eq. 2.42 are fulfilled, oscillation start-up will occur. This means that

the real part of Za has to lie between the points Pc and Pm on the left

side in figure 2.7 a). For a fast start-up. the most negative real part of
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Za will be achieved when the gain equals gmopt where Za equals to P0.
As long as the Q of the capacitors C\. C'2 and C3 is high, the optimum
transconductance gnio t

for the most achievable negative real part of Za

can be expressed by eq. 2.46.

S~1 /~1

K{ZA(Po)} = - S^^Ys^ (2"4

9rnopt=u(c1 + C2 + Ç^) (2.46)

If C3 is small the time constant r equals I/61 = 2L/Rf0t where Rtot —

Pls __ ^p2gL^ amj 50 |s givcil by eq, 2.34 according to 2.3.1. Oscilla¬

tion in steady state (U{Za} = 3\{Zp}) could happen at the frequency
where the circle intersects the vertical line in the points Pc and Pm
while the gain required to achieve Pm is usually not achievable. At Pc,

gm equals the minimum required transconductance gmc to sustain os¬

cillation (Barkhausen criterion). As long as gmC3 « CiC2co, {gmC?>)2
in the denominator of eq. 2.44 can be neglected and gmc simplifies to

eq. 2.47.

2 (C1C2 + C1C3 4- c2c3y
gmc^coRs ppy, (2.47)

L it 2

For a gm higher than gmma7,- oscillation is not possible because Za is

on the circle on the right side of the minimum required negative real

part. For zero-gm, Za simplifies to eq. 2.48 and moves to the point Pt
at the top of the circle while for infinite gm. Za simplifies to eq. 2.49

and moves to Pb at the bottom of the circle.

ry rj j r/ ry

,
T^

,
Zj i Zj q ~\~ Zj o Zj o

.

ZaW = t^tVt1/ (2-48)
Zj\ -p Z10 ~T~ Zj3

ZA(Pb) = Z3 (2.49)

Oscillator operation in class-C mode

Usually the transistor of an LC oscillator operates in class-C mode. The

transistor only conducts during a short fraction ron of the oscillation
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period T if the MOS transistor is operated in strong inversion. If r0„

is short an approximation can be found by assuming that the current

through the transistor has the form of a Dirac current pulse of the area

2LqT. Then, the oscillator voltage between gate and source achieves the

maximum value depicted in eq. 2.50 where gmc t
is given by eq. 2.47

[81].

2/n
|Vi| = — (2.50)

9mc

2.4.2 Harmonic balance method

A more promising approach to analyze an LC oscillator is the use of the

harmonic balance method. It bases on the feedback model shown in fig¬
ure 2.2 b). While the passive tank-circuit is treated as a circuit of linear

components, the current I(t) of the nonlinear active device is expressed
in form of a Fourier series of fundamental and harmonics under the as¬

sumption of a periodic oscillator signal. The voltage V(t) is considered

as the sum of fundamental and harmonics which are delivered from the

tank-circuit. They are separately calculated from the current compo¬

nents times the transfer function V(t)/L(t) of the resonator at funda¬

mental and at each harmonic frequency. Iterations are repeated until

a balance is achieved between the applied input voltage at the active

device and the output voltage of the passive tank-circuit. Any LC oscil¬

lator can be analyzed numerically using the harmonic balance method

on the base of either the feedback model or the negative-resistance model

[58]. The latter is widely used in the design of microwave oscillators.

However, the analysis by simulation does not enable a straight forward

oscillator design, as no indications for optimization are supplied.

2.5 Oscillator noise

The demand on more channels in mobile communications applications

imposes stringent requirements on the phase noise of local oscillators.

For this reason, oscillator noise analysis is of ciucial importance to en¬

able efficient oscillator design. Numerous conti ibutions to the under¬

standing of the relationship between oscillator noise and oscillator cir¬

cuit components have been published during the last decades. As noise
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sources generate weak signals compared to the carrier signal, cross prod¬
ucts of small noise components will become negligibly small [66]. One

approach to characterize these effects is to consider amplitude modula¬

tion (AM) and frequency modulation (FM) [51]. Most of the authors

perform linear oscillator analysis taking into account only noise com¬

ponent due either to phase variation or to amplitude variation. The

use of linear analysis requires the assumptions that the oscillator has

a linear active gain providing component whereas the oscillator ampli¬
tude is regulated with an automatic gain control (AGC) [73], [15]. The

argument as to wdiy a linear gain should be used is that in an oscillator

the use of non-linear gain would lead to beating with the carrier, which

would produce noise components from the baseband. These components
would be of significant amplitude in the vicinity of the carrier [66]. In

[77] both, phase noise and amplitude noise are taken into account but

linear gain for the active device is assumed. Since active devices show

some nonlinearity. [30] takes non-linear terms into account under the

assumption that they are small compared to the linear one. In [72] and

[21] it has been concluded that phase noise in a MOS oscillator is caused

by the nonlinear gate source capacitance of the MOS transistor.

2.5.1 Oscillator noise model

A widely used approach to characterize low oscillator noise is to use a

sinusoidal representation according to eq. 2.51 while variations in am¬

plitude and phase can be considered sej^arately [66].

V(t) - A(t)cos(u)ct + </>(£)) (2.51)

Amplitude variations

Amplitude modulation (AM) in an oscillator will occur if the transcon¬

ductance gm of the gain providing transistor varies. But also a change
of the oscillator resonator capacitance C\ or C2 will cause a small vari¬

ation of the amplitude due to (1) in [32]. The oscillator output signal
V(t) of an AM signal can be chaiacterized by eq. 2.52. The modulation

index ma is the normalized modulation amplitude Em to the carrier

amplitude Ac. The modulation leads to sidelobes which appear on both

sides equidistant to the center frequency cvc and which have equal phase
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as indicated in 2.55.

V(t) = Ac(l 4- ma cos(comt))cosujct (2.52)

Ar
(2.53)

V(t) = Ac[cos(coct) + ma cos(iomt) cos(coct)} (2.54)

V(t) = Ac[cos{ujct) + -^-co^ujm - u)c)t) + —^eos((u)m + uc)t)}

(2.55)

Phase variations

Phase modulation (PM) by noise is an important oscillator noise gen¬

eration mechanism. PM can occur due to additive noise and clue to

variations of the oscillator resonator. Variation of the resonator capac¬

itance results in a variation of the instantaneous oscillator frequency.
After integration over time the instantaneous phase is achieved. The

oscillator output signal V(t) can be characterized by eq. 2.56 while the

relationship between phase and frequency will be given by eq. 2.57 if

sinusoidal modulation is assumed.

V(t) = co5(o)ctq 3sin(u)mt)) (2.56)

The peak frequency variation A/ is given bv the derivation of the vary¬

ing phase term ß sin(comt). Solved for the modulation /3, the peak phase
variation is given by eq. 2.57.

-? —
^^Pt-ati

_
^J peak /« r»\

^m J m

Expansion of eq. 2.56 leads to eq. 2.58. The term cos(ßsin(ionit) and the

term sm(ßsin(umt)), respectively, can be expressed using Bessel func¬

tions Jo(/3), J\(ß) of the first kind of argument (Ô) and order 0, 1,....

respectively [66]. However. V(t) would result in a complex series, which

is not suitable to help the designer to understand oscillator noise mecha¬

nism. Since the oscillator noise is usually small compared to the carrier
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amplitude, any phase variation caused will be much smaller than tt/2.
For ß << 7r/2, equation 2.58 can be simplified to eq. 2.59. After expan¬

sion of the second term, V(t) will be expressed by eq. 2.60 which shows

two sidelobes with an amplitude half of 0 while the carrier remains

unaffected.

V(t) = cos(u)ct)cos{ßsin{ujrnt)) — sin(ujct)sin(0sin(u)mt)) (2.58)

V(t) ~ cos(ujct) — sin(u)cf) ßsin(u)rnt) (2.59)

3 3
V(i) äs cos(u)ct) - -cos{(u)c - u)m)t) + ~cos((u)c + wm)f) (2.60)

As the phase of the sidelobes below the center frequency is negative
in the case of PM and positive in the case of AM, the two sidelobes

will cancel each other if their amplitudes are of the same magnitude.
Therefore, the noise spectrum due to phase noise and amplitude noise

may locally show a reduced noise density at the frequency where ß
equals ma. Beyond the modulation frequencies fm where ß will decrease

below ma, noise due to FM is of minor importance compared to the one

due to AM.

2.5.2 FM versus capacitance variation

In a CMOS oscillator the transistors source and drain junction capaci¬
tances as well as the gate source capacitance depend on their bias volt¬

age across. Since they are part of the oscillator resonator capacitance,
their variation due to fluctuations of the bias voltage will lead to FM.

The capacitance fluctuations of the gate source capacitance may also

occur due to fluctuations in the gate depletion region. The latter may
be caused by electron trapping on deep centers [21].

A frequency variation A^j in a LC oscillator caused by a variation

AC of the resonator capacitance C is given by eq. 2.62 whereas the

center frequency u)c is determined by eq. 2.61. Assuming AC/C « 1

equation 2.62 can be simplified to eq. 2.63 and Aco as a function of AC

and vice versa are determinable.
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^C + Aa)^ — = -==
. (2.62)

+ ac) v^^/TT^

u)c 4- Au; äs
-A-^r (2.63)

Aw = -o;c — — a -a>c
(2.64)

6

2C 4- AC
c

2C
K J

AC äs -2C— (2.65)
u;c

The following numerical example will demonstrate the effect of FM by
small varyings of the capacitance C. A sinusoidal modulation AC —

0.02/F of a 50pF capacitor will cause a peak frequency variation of 22

Hz when the carrier frequency is 111 MHz according to eq. 2.64. For

a modulation frequency of 1 kHz, the 22 Hz cause a ß of 0.022 which

means that two -33 dBc sidelobes will appear 1 kLlz apart from the

carrier on both sides. Therefore, to keep such sidelobes at a low level,
capacitance fluctuations must be retained very small too.

Spurious tones

Spurious tones, also merely called spurious, aie a problem of concern

found in frequency synthesizers. They appear as sidelines at discrete

frequencies apart from the carrier and exceed the noise spectrum of the

VCO often by several ten dB. In a PLL, internal signals at low fre¬

quencies, such as mixing products of the phase discriminator, penetrate

through the loop filter into the VCO and deteriorate the voltage ap¬

plied at the VCO varactor. Even a slight modulation causes enough
FM to generate substantial sidelobes in the vicinity of the carrier [51].
To give an example; a modulating sinusoidal 1 kHz signal of -90 dBm

applied at the VCO input side geneiatcs sidelobes of -26 dBc in case

of a VCO with Af/AV - 10 MHz/V. These sidelobes appear on both

sides of the carrier at an offset A/ of 10~6 V+ 107 Hz/V = 100 Hz while

ß/2 - lOOiJ^/103 Hz/2 = 0.05 according to eq. 2.57 and eq. 2.60. Sup¬
pose a VCO constant of 50 MHz/V. the amplitude of a 200 kHz signal
at the VCO input should not exceed 8 p^ptak to achieve spurious of less

than -60 dBc.
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2.6 Linear oscillator noise analysis

One approach to enable oscillator noise analysis is to consider the active

part of the oscillator as an amplifier with certain gain and noise figure.
Then the equivalent input referred noise resistance can be determined.

Many investigations have been done in this direction enlightening oscil¬

lator noise properties in the frequency-domain. Some of them considered

only additive noise [73], [15]: another analysis method takes only phase
variations into account [43].

2.6.1 Additive noise

The approach in [73] bases on the Pierce oscillator which has been con¬

sidered as a linearized feedback amplifier with unity gain. Although the

model manages to have finite oscillator output energy, it may not show

realistic cut-off frequencies for oscillators with low Q as the model is

limited to oscillators with high Q. According to [73], a 1 GHz oscilla¬

tor with a Q of 5.2 and a current consumption of fO mA would show

a cut-off frequency between 100 Hz and 1 kHz. The model includes

some effects of noiilinearity by introducing q - AS/S which represents

variation AS of the effective transconductance 5 of a tube as a func¬

tion of the oscillator amplitude around a specific oscillation amplitude.

Mixing-effect clue to noiilinearity has not been taken into account.

The attempt to estimate noise in [15] assumes a completely linear

transconductance onlv determined by the Barkhausen criterion. As a

consequence, neither noise up-conversion nor effects due to phase varia¬

tions are taken into account. To consider noise to be bandpass filtered by
the compensated passive tank-circuit leads to the problem that power

spectrum energy would become infinite since the power density spec¬

trum at zero offset would be infinite.

According to [36], the use of the Clapp oscillator structure allows

reduction of the influence of fluctuations of the capacitances C\ and C2
as they can be made large without alteration of the resonance frequency
by introduction of C's- Suppose Cc that is the equivalent capacitance
of Ci and C2 stays constant, Rs depends linearly on Ls and the fre¬

quency of the Clapp oscillator stays constant. Then the inductance Ls
is increased by (Cc + Cs)/Cs and so is Rs- As the effective noise re-
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sistance decreases quadratically with Cs/(Cc 4- Cs) but, Rs increases

linearly with (Cc + Cs)/Cs, the noise spectrum due to Rs decreases

lineaily with Cs/(Cc + Cs)-

Another view which leads to the same relation for the noise clue to Rs

is indicated in [39]. Since the noise current in the tank-circuit decreases

by \/(Cc + Cs)/Cs, the noise voltage drop across C'c is reduced by the

same factor. With regard to transistor noise only, which can dominate

over thermal noise of Rs, the Clapp oscillator structure is superior to

the Colpitts oscillator because the noise spectrum due to the transistor

decreases by Cg/(Cc + Cs)2-

2.6.2 Phase noise only

The well known Leeson model of [43] ieduces noise analysis to variations

of the phase (p(t) and assumes constant amplitude A(t). The model

predicts the I/o;3 noise close to the cairier as well as the I/o;2 noise due

to thermal noise. However, beyond u)m > ajc/(2Q) a flat noise floor is

predicted, which has not been found in practice.

The model bases on the feedback oscillator model. The passive res¬

onator is considered as the band limiting circuit which transforms phase
variation into frequency variation by A6 = 2Qô/u)c- Furthermore, the

model assumes that phase conversion stops at modulation frequencies

beyond half the band width B - ujc/(2Q). The total power spectral

density of oscillator input phase errors relative to the signal power is de¬

scribed in the form *Sao = ct/^m + 3- The additive term ß = 2FkT/Ps
is identical to the spectral density of the squared noise voltage rela¬

tive to the rms signal voltage Ps at the active element input. F is the

noise figure, k the Boltzmann constant and T the absolute tempera¬

ture in Kelvin. The coefficient a has to be fitted by experiment to the

measured spectrum due to 1/f noise. Though the theory explains the

measured oscillator noise spectrum, it does not enable the designer to

predict oscillator noise from available data of the oscillator components.
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2.6.3 Phase noise and amplitude noise

The approach in [77] shows that amplitude variations can cause fre¬

quency fluctuations and vice versa. The noise analysis assumes high Q
resonators as used for very stable oscillators. It starts from the well

known approach in eq. 2.51 and assumes the model in figure 2.2 where

the product of the gain k(Ac) of the active circuit times the amplitude
Ac of a stable sinusoidal oscillator signal would equal f. However, the

amplitude Ac(t) is assumed to vary slowly while L(t) of the active device

is supposed to be a function of the oscillator amplitude Ac(t) and the

low frequency flicker noise n(pt) according to eq. 2.66.

L(t) = k(Ac(t))(l + n(pt)) (2.66)

Because flicker noise is concentrated at low frequencies the condition

that /i << 1/Q is valid, so that the flicker modulation is considered

to be quasi-static as it varies slowly compared to loc and the transient

processes. By introduction of a function q = k(Ac(t))[l + n(pt)} — 1 the

dimensionless differential equation in eq. 2.67 of the oscillator is derived.

m + VW^-^j^Vit)) (2.67)

After introduction of an analytical signal W(t) = V(t) -\- i * X(t) the

solution in eq. 2.68 is achieved from eq. 2.67 using the Hubert transform

and with help of Bedrosian's theorem.

W(t) + W(t) = ^jt(cW(t)) =
I (jW(t) 4 -yW) (2.68)

After some manipulations 2.69 is achieved. This shows that amplitude
variations cause small phase variations, which are compensated by fre¬

quency changes.

«r^Wc2(l-^) (2.69)

Eq. 2.69 applied to flicker modulation, the amplitude and frequency
flicker fluctuations are given by cq. 2.70 and eq. 2.71.

to = ^c([ -^n{fjt)) (2.70)
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Ac(t) = Ac(l 3-n(pt)) (2.71)

The analysis predicts that close to the carrier only noise clue to am¬

plitude variations is present and that these variations cause dynamic

frequency fluctuations. Due to them, very slow flicker modulation re¬

sults in rapid frequency fluctuations so that a power density spectrum

appears which increases with increasing offset frequency from the car¬

rier. A further prediction is that flicker frequency instability cannot be

reduced by high quality resonators.

Even though the results are in analytical form, this analysis provides
no indication for the designer of a LC oscillator with a tank-circuit of

moderate Q factor. Furthermore, neither the mixing-effects due to the

beating nonlinear active component nor the actual oscillator amplitude
has been taken into account.

2.7 Oscillator noise regarding nonlineari¬

ties

In general, thermal and flicker noise not only add to the oscillator sig¬
nal but also cause oscillator AM and FM due to non linearities of the

passive and active components used. A high Q oscillator with weak

nonlinearities for the active component is assumed in [30]. Only the

linear term g\ and a third order term g3 according to eq. 2.18 have been

taken into account assuming g3 to be weak. The oscillator amplitude
has been calculated according to cq. 2.22. It is assumed that the os¬

cillator uses a AGO and is operating at low signal level. The system

response to white noise is regarded as a superposition of individual im¬

pulse responses where the additive terms are described as cosine and

sine terms while the latter defines the phase disturbance. Similar to

[73] the oscillator appears like a passive tuned circuit with a very high
Q factor. As this model is. in fact, a linear one due to the Mathieu

equation, mixing effects are not considered and, thus, no up-conversion
is predicted.

A further problem in some issues such as. for example, the one of

[18] is that upper and lower sidebands are considered completely inde¬

pendent, which is not valid when the RF noise is generated by mixing a
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Figure 2.8: FET oscillator model.

baseband noise with the carrier. In this case the two noise sidebands are

correlated and their contributions must be combined before the spectral
densities are determined [72], [54].

2.7.1 Oscillator noise due to mixing effects

A rigorous analysis of up-conversion of low-frequency noise can be found

in [72] to answer the controversial question whether the nonlinear trans¬

conductance or the nonlinear gate-source capacitance dominates noise

up-conversion. One important aspect of this analysis is that the cor¬

relation of the two sidebands due to the mixing of the baseband noise

signal with the RF carrier is taken into account. The model considers

both: nonlinearities of the traiisconductance as well as nonlinearities of

the gate-source capacitance, using a quasi-static approach.

The nonlinearities gm. G(i and Cc; shown in figure 2.8 are expressed
as time-invaiiant functions expanded into Fouiiei series which is achieved

under the assumption that the LF noise voltage source at the gate is

zero. Under this constraint, the influence of the noise is expressed using
a static and a time-dependent dynamic component for V(t) = Vo +V(t)
and I(t) — /o 4- I(t). Since the noise voltage V(n) is small compared
to the oscillator amplitude, a linear relation between phase noise and

amplitude is assumed. Using the noise lepresentation in eq. 2.51 under

consideration of the small modulation, only the sidebands at ±com are

taken into account. A set of 12 equations is obtained, six equations for

the nonlinear active element and six for the linear oscillator netwoik, to

solve the complex amplitudes V), Vu, Tq>, Lj, /"„, i),. The indices / stand

for lower sideband at co(
—

u>m ,
u for uppei sideband at lûc + tom and b

for the carrier at u)c. A closed-form solution is not presented as it would
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be very complicated. For this reason, the general form is considered

only suitable for numerical simulations.

However, to achieve useful closed-form solutions for the designer-
additional assumptions are made. Such as. the input impedance of the

passive network be zero at com and real at ujc .
The voltage V2(i) in figure

2.8 at the input side of the passive network be in antiphase to the voltage

V\(t) at the output of the passive network. The noise spectrum around

the carrier be symmetrical and the transit time r of the transistor be

zero. These assumptions allow the set of equations to be simplified so

that four equations are left which solve the variables AV/V and A<f.

Using these assumptions, no AM to PM or PM to AM conversion is

predicted as AM would be independent of the nonlinear Cqs and PM

would not depend on the nonlinear transconductance of active compo¬

nent. Due to the assumed zero input impedance of the passive network

at low frequency, the output current can be ignored at LF. However,

even when V2(t) = 0 the transistor injects noise current into the passive
network. This will generate a noise voltage V\(t) at the output. Since

the oscillator manages that the voltage V\(t) equals the noise voltage
Vn, ignoring V\(t) at LF would remove inherent phase information at

the output of the passive net and no up-conversion of low-frequency
phase noise would be possible due to the nonlinear transconductance.

In [21] it is mentioned that the nonlinearities of Ces are the domi¬

nant contributor to phase noise for most oscillators. This can be true for

high frequency oscillators with small C as frequency variation increases

for increased oscillator frequency and reduced resonator capacitance ac¬

cording to cq. 2.64. Furthermore, due to the high frequency, large gain
is needed, which may lead to wide transistors with large gate source

capacitances.

2.8 Noise power density versus rms jitter

Dependent on the application, fluctuations of the oscillator phase and

amplitude are specified either in form of rms jitter in the time domain

or as noise density in the frequency domain. However, the measurement

of oscillator noise is often performed with help of a spectrum analyzer
which determines the noise power density as a function of the frequency.
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Thus a relationship between rms jitter in the time domain and the noise

in frequency domain is useful. The relationship between a stochastic

process in the time domain X(t) and its counterpart in the frequency
domain Sx(f) is given by the Wiener-Khintchine Theorem [64] where

the power density function of a stochastic process Sx(f) is given in

eq. 2.72 while its inversion leads to eq. 2.73. If r = 0 eq. 2.73 simplifies
to eq. 2.74, which represents the average power X(t)2 of the stochastic

process.

SM) - X(t)X{t + r)e~JUJTdT (2.72)

X(t)X(t + r) = SrinC^df (2.73)

x(ty = SADdf (2.74)

With eq. 2.74 the oscillator noise can be characterized in the time do¬

main by phase variations in the form of rms jitter 0rms or in the fre¬

quency domain by Sq(J) the powder density spectrum normalized to the

carrier amplitude.

Assuming that thermal noise generates a symmetrical oscillator noise

spectrum, which falls inverse proportional to the offset frequency Af
from the carrier, then, the rms phase noise 6rms within the bandwidth

from A/f, to A/e can be expressed in the frequency domain by eq. 2.75

under the constraint that the phase jitter is much lower than 1 UIp.
Solved as 5e0 the single side-band noise power density Sq(AJ) between

ft, and fe can be calculated by eq. 2.76.

^
r m s kdAf '2.75'

Se(Af)
Se0

Af2

e"

Afb

1

Afe

A
(2.76)

For example l°rms phase noise within the bandwidth from 100 Hz to

100 kHz leads to the noise spectrum shown in figure 2.9 which falls from

-58.2 dBc/Hz at the 100 Hz offset from the carrier down to -118.2 dBc

at the 100 kHz offset.
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Figure 2.9: Phase noise within the bandwidth from A/& = 100Hz to

A/e = WQkHz.

2.9 Noise sources

Different noise sources impair the oscillator signal. Passive components

imply thermal and shot noise while the active devices that arc MOS-

FETs generate thermal, shot and flicker noise according to [11].

2.9.1 Noise generation in the passive resonator

Noise is only contributed by resistive parts of the passive resonator and

can be classified as thermal and flicker noise. Only thermal noise is

considered since it is dominating. It can be characterized up to several

GHz. One way to calculate the total noise of the tank-circuit is to

determine the equivalent resistance in series of each passive component.
From these resistances, the individual thermal noise voltages can be

determined.

Thermal noise

Thermal noise in a resistive conductor is generated when thermal en¬

ergy causes current carriers to move randomly. It is also referred to as

Johnson noise. This kind of noise is called white noise as its power dis¬

tribution is uniform or flat up to very high frequencies. Assuming either

a Thevenin voltage source or a Norton current source at power match

(with the conjugate of the impedance or admittance) the available noise
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power is given by eq. 2.77 and the rms noise voltage cjv in series to a

resistor by eq. 2.78 [19].

< |cv|2 > - eiVrms = ^/AkTRAf (2.78)

As ejsf is represented by stochastic processes where the individual noise

sources are uncorrelated or independent, the equivalent mean square

noise voltage < \e\~ > is the sum of the mean square of the series

connected individual sources. Thus, the thermal noise voltage source of

the tank-circuit is easily obtained using eq. 2.78.

At very high frequencies where quantum effects cannot be neglected,
the resistance of the material is assumed to change and R is no longer
constant. To solve this problem, Nyquist suggested replacing the term

kT in eq. 2.78 by eq. 2.79 to achieve a theimal noise spectral density.
valid beyond several thousand GHz [41].

hi
kT - ^p1— (2.79)

ekT - l

The noise voltage generated across the resistive part of 0.1 to 10 Q

in series to a high Q resonator is in the order of 40 pY/y^LLz to 0.4

nV/y/Hz.

Flicker noise or 1/f noise

Although flicker noise is negligible at high fiequencies. it is important
for oscillators which operate in class-C mode. In this case, noise at

base-band is up-converted to the vicinity of the center frequency. Close

to the oscillator earner, this type of noise often dominates other noise

sources.

Although a ligorous flicker noise theory is not available to date, two

basic 1/f noise theoiies are mentioned in [11]: the mobility fluctuation

model and the number fluctuation model. While the first of them is

relevant for 1/f noise in homogeneous metals and semiconductors the

second is important with respect to MOS transistors where the semi¬

conductor/oxide interface plays an important role.
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According to one of these models the fluctuating number N of elec¬

trons or holes with the life time r has the spectrum density in eq. 2.80

where AA^2 is the variance of N [80].

^(/) = 4Ä7\^—-^ (2.80)
f + U)~TZ

However, significant generation-recombination noise is only to be ex¬

pected when the Fermi level is close to the location of the trap or the

center in the forbidden gap. For silicon with 45 mV activation energy of

donors or acceptors, this is the case for T = 50 to 70 K. For normal appli¬
cation at room temperature 1/f noise due to generation-recombination
noise is not significant.

1/f noise in resistors

Flicker noise in resistors as well as in semiconductors can occur due to

generation and recombination of electrons and holes as well as due to

mobility-fluctuations or any other fluctuations as long as the basic spec¬

tral dependence of a single time constant r is of the form r/(l 4- uj2t2).
In case of injection for a constant current Iq. noise across the resis¬

tance R has been considered to be caused by resistance fluctuations

R — Ro 4- SR(t) where Rq is the average resistance [80]. Assuming
Vo = IqRq and K to be a constant given by the resistance material

used, the single side-band noise power density spectrum can be mod¬

eled by cq. 2.81.

SAf) - Ï^Jf (2.81)

2.9.2 CMOS transistor noise

Usually the CMOS transistors of the active circuit generate the main

part of the oscillator noise. Different effects which lead to noise of

a MOSFET are documented in [il] and are briefly discussed in the

following.

Thermal noise is caused in the channel of the transistor and 1/f-
noisc by trapping and detrapping of mobile carriers in the traps located
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at Si-Si02 interface and within the gate oxide. Additional noise such

as thermal noise due to the resistive poly-gate and thermal noise due

to the resistive substrate may prevail over the channel thermal noise if

no special cautions are taken for the layout. In addition shot noise is

produced associated with the leakage current of the drain and source in¬

verse diodes, but is negligible as usually leakage current is much smaller

than the drain source current.

Thermal noise in CMOS transistors

Thermal noise is generated by fluctuations of charge carriers in the

conductive channel which modulates the channel conductance. When

the transistor is in the subthreshold region (Vg « 0) the short circuit

thermal noise current spectral density i~d is given by eq. 2.82.

M^<irh\2> - idch rms'- sfekTg^Af (2.82)

Operating in the saturated region the channel cannot be considered as

a homogeneous resistance and the channel should be divided into a high
number of small sections. The total noise is then the integration of each

small noise current along the channel that delivers eq. 2.83.

\/<l^cJ2 > = ideh rms
= M^T19mAf « ^AkT-gmAf (2.83)

7 is a complex function of the technology parameters and the bias con¬

dition and is below one for a gate oxide thinner than 100 nm and a sub¬

strate doping Nß smaller than 10lbcm ~3. However, from experimental
results 7 approaches 2/3 for modern technologies being in accordance to

reduced oxide thickness tor and substrate doping Nß because in theory
7 approaches 2/3 for s/2pf/qNB/'C'0L = 0.

An additional important noise source is the thermal noise spectral
density icipq associated with the resistive poly-gate Rg. This noise can be

reduced by an increase of Ngs. the number of the gate strips, according
to eq. 2.84.

\[< VdJ2 > =

Upgrms = JlkT—^-g^Af (2.84)
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Since the substrate resistance Ri produces noise which varies the

bulk voltage, a noise current tfp is produced at the drain node given

by eq. 2.85. To keep i?& small the distance between the channel and

the bulk contacts should be kept small. For a transistor with given

width and length the number of fingeis does not influence the total bulk

resistance Rb- To enable minimum substrate resistance noise, substrate

biasing should be peiformed to minimize gmb-

(2.85)

Input gate current noise via the gate-channel capacitance CoxWL

due to random motion of free carriers in the inverted channel can be

calculated by eq. 2.86. Usually, this noise begins to be of importance

only for frequencies above the frequency ff given by gm/{2TiCGs)- As an

example, a 1500 /.mi wide transistor in the 1 pm SACMOS technology

with a bias current of 2.5 mA has a ft of 1.8 GHz.

2irfCgs)2Af (2.86)

1/f noise

For the determination of 1/f noise, different models exist that can be

classified as the mobility fluctuations model (A/i), the number fluctu¬

ation model {An) and a model for the genei ation-recombination noise

[71]. [11]. In practice the 1/f noise in MOSFET1 oiiginates mainly by

interfacial 1/f noise. An applicable model based on the number fluctu¬

ation model is given in eq. 2.87 while KB has to be evaluated experi¬

mentally [11]. The equivalent input noise voltage is given by eq. 2.88

where Kf = Kp/{2p).

< I'd, |2 ^ =

irf/ims - t^ Me (2.87)

Vq/{f) ~
2pC2)XWLf

~~

C%XWL]
(2-88)

In devices with 1/vm gate length, 1/f noise contributions from the drain-

arid source series resistance can be up to 20 % of the 1/f noise clue to
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the channel resistance [45]. In a circuit with a MOSFET biased in

saturation, it is important to reduce the 1/f noise by reducing the drain

series resistance [22].

To characterize the MOSFET quality, the 1/f noise can be used as a

diagnostic tool. The number of traps in the gate insulator of the surface

states in the interface of Si and Si02 as well as the series resistance of

the channel [44] can be characterized considering 1/f noise. In addition

Hot-Electron Degradation can be detected by 1/f noise measurement

[12].

Shot noise

Shot noise is generated when charge carriers supplying the current pass

through a potential barrier of p-n junctions. As long as injection is low

moderation of the current flow can be considered independently and at

random. The random fluctuation of electrons or holes in a p-n junction
can be represented as a random pulse train of current pulses of finite

width. Simple analysis results in a white spectrum [2]. This spectrum

S(f) of the fluctuations that is the deviation from the mean current is

given in equation 2.89 where A/ is the bandwidth of interest, q is the

electron charge and I the mean current flowing through the conductor.

SM) = 2Q[Af (2-89)

For a n+-p junction diode the power density spectrum of the shot

noise current is given by eq. 2.90 and the power density spectrum of the

voltage across the junction is given by eq. 2.91 with the conductance

go in eq. 2.92 where Lq is the reverse current of the n+ - p junction
diode and Rq = 1/go the low frequency resistance of the device [80].
This model is valid up to frequencies comparable to the inverse of the

electron transit time through the barrier region. For a 1 pm barrier

region this would be beyond several GHz. At zero bias (I — 0) shot

noise voltage corresponds to thermal noise voltage (Sv(f) — AkTRo).

5j(/)-2(7(7+ /0) (2.90)

Sv(f) = ^fi- = 2kTRo^r^- (2.91)
9o [ + Jo
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#o =
kT

(2.92)

Equivalent input noise

It is common to represent noise by the input referred voltage noise

source VeQin and the equivalent input referred current noise source Leqin
as shown in 2.10 b). These noise sources can be determined from their

physical origin shown in figure 2.10 a).
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GD

D
« »

:*gs ch,-kaf

X
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'GS
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'GS B

G

V
veq

-e-
'GD

D

L„0 9±
^GS
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X

\'GS

R,
y
'GS ß

b)
'GS

Figure 2.10: a) Small signal model and noise sources of the MOS¬

FET, b) Equivalent input noise generator model.

In 2.93 and 2.94 the gate thermal and the 1/f curicnts due to the

capacitive coupling are neglected since they are only important for fre¬

quencies much higher than the cut off fiequeney ft of the transistor [11].

U

I -i
+ ?j + ? j

ach rrn^ df rms
'

d^rms

PQin

\0m - J"JCgd\
4k-TR, (2.93)

4o,„ - LMCgs + CGd)\2

~>

'dch rm

4- i" 4- ?
s

'
d t rms

' dh
r6 rms

\gm - jujCgdI
(2.94)
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However, it is important to note that this model is valid only if the

small signal model of the transistor is assumed, which is not the case

for transistors operating in class-C mode.

2.10 Summary

It has been shown that most contributions deliver start-up requirements
but few of them help to predict the oscillator amplitude. Since the os¬

cillator noise spectrum depends directly on the oscillator amplitude, the

determination of the latter is of crucial importance. The approach in [79]
leads to a manageable formula for the oscillator amplitude. However, it

bases on assumptions for the active device which do not correspond with

the physical behavior of CMOS transistoi operating in class-C mode.

A useful model for determination of start-up conditions is the so-called

three point oscillator model suggested in [81]. Useful is also the approx¬

imation mentioned for the oscillator amplitude, if the active component

is a bipolar transistor. It has to be taken into account that oscillators

with a tank-circuit of higher order may not start oscillation although

phase and amplitude requirements for the desired oscillation frequency
are fulfilled [58]. The most precise method to calculate the oscillator

amplitude is the harmonic balance method, which is usually performed

numerically.

Bewildering are the high number of different approaches to the de¬

termination of oscillator noise. Most of them base on severely limiting

assumptions which often remove dominating oscillator noise effects such

as up-conversion or correlation between lower and upper noise sidelobes.

Other theories only deliver the noise shape and parameters which have

to be fitted by measurement or simulations. This is far from the de¬

signer's wish to predict oscillator noise from system requirements and

key data of technologies. Therefore, in the case of CMOS oscillators.

another model is required which describes the relation between current

consumption oscillator amplitude and noise spectrum.
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It is well known that the signal to noise ratio of an oscillator will improve
when the oscillator amplitude is increased [68]. This fact indicates that

the knowledge of the oscillator amplitude is of crucial importance for an

accurate oscillator noise analysis. Foi this reason, a new theory [32] that

allows the determination of the amplitude of CMOS LC oscillators and

explains the operation principle in steady-state is introduced first. The

accuracy of this theory is proved by measurement of the amplitude for

various Q factors and different bias cm rents on a Colpitts test oscillator.

On the basis of [32]. in [33] a new oscillator noise calculation method

is derived and a simple relation between the oscillator noise spectrum,

the noise of the active component and the oscillator resonator circuit

configuration is demonstrated on a Colpitts oscillator. In order to give
the reader an impression of the usefulness and limitations of this method

and how it can be applied in practice, the fundamental theory behind

and assumptions made are briefly explained.

The measured results of specific experiments, discussed in depth,

support the fundamental theory. Close agieement between calculations

and the measured results have been achieved for Colpitts and Clapp os¬

cillators. To prove the basic idea of the theory in [33], some of the sim-

15
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Figure 3.1: a) Schematic of a CMOS Colpitis oscillator, b) Schematic

of the Colpitts oscillator with switched CMOS transistor, c) Transistor

current as a function ofV\.

plifications, made to achieve compact formulas, were omitted solely to

achieve better conformability with the measurement at large frequency
offsets from the carrier. Finally, the new method is applied on CMOS

Colpitts and Clapp test oscillators and a comparison of calculated and

measured noise density spectrum is presented.

3.1 Oscillator amplitude calculation

A typical implementation of a LC CMOS oscillator is the Colpitts os¬

cillator shown in figure 3.1 a). If the Q of the passive resonator is high,
the gate source voltage bq(/) is practically a pure sine wave with ampli¬
tude Vm, superimposed by a specific DC voltage VB. The DC voltage
across Ci, is adjusted by the bias current 70 so that the average cur¬

rent through Mi is equal to Lq. As long as the gate source voltage of

Mi exceeds the threshold voltage Vp- the source current Ls(t) of M\ is

determined by eq. 3.1 and by Is ~ 0. otherwise as indicated in figure
3.1b).

Is{t) = ^(Vi(t)~~VM (3.L)

In steady-state, the Fourier series representation of Is(t) leads to the

fundamental AC current with the amplitude I^c. Suppose the resonator-

circuit has a linear transfer function, then Vm can be calculated from the

product of IUJc injected between C\ and C2 times the transadmittance
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luiJVm of the resonator-circuit, similar to the method of harmonic bal¬

ance (see 2.4.2). Thus, the ratio between ILJc and Vm is equal to the

critical transconductance gmc for oscillation. Startup occurs as long as

the transconductance gmQ of Mi, defined by \j2ßIo) exceeds the critical

transconductance gmc for oscillation.

As long as gmQ does not exceed 3#mc/2, in steady-state, the voltage

{VB - Vt) is greater than Vm and the transistor Mi never cuts off.

Then the Fourier expansion leads to the amplitude Iu,c of the source

current, the amplitude Vm of the AC gate source voltage and the average

transistor current Iayg given in eq. 3.2 to 3.4 where x, defined in eq. 3.5,
is less than -1 according to [32].

I/,i„ ~ «L kJ V (3.2)

-xß\
-2

m

I me
3

9mÖ 9} (3.3)

Iavg=h=^{l + 2x2) (3-4)

x

Vt — v D TTTn

v„

I
•

Uli \

= cos(—) (3.5;

However, in practical designs. gmo must be several times larger than

gmc in order to achieve an adequate amplitude and to comply with the

Barkhausen criterion. In this case. Vrn exceeds the voltage (VB - Vt)
so that x is between -1 and 1 and M[ cuts off during a fraction of the

oscillator period (T - ron). This means that Ml operates in class-C

mode in a typical LC oscillator. Then, according to [32], the Fourier

expansion delivers eq. 3.6 for the amplitude Vm and eq. 3.7 for the

average current of the transistor.

Vm =

ßvr

37T0,
^2 + ,r") v 1 — x2 — 3,r arccos(^)

M5 + .r)

39mc
(3.6)

/,
avg

3V2

47T

1 + 2x2
arccos(.c) — 3,r \/l X" (3.7;
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Figure 3.2: Circuit of the discrete 50 MHz LC oscillator.

In the case of g-mo/Omc fends to infinity, which means that x tends to

unity, Vm equals 2Io/gmc as mentioned in [81].

To verify eq. 3.6, for different Q factors of the resonator and for dif¬

ferent oscillation frequencies, the amplitude of a CMOS test oscillator

has been compared to the calculation where measurement and calcula¬

tion agree well within a few percent.

3.1.1 Amplitude measurement

To enable measurement of the amplitude at different Q factors, an os¬

cillator at 50 MHz has been built with the schematic shown in figure
3.2. An oscillator frequency of 50 MHz is suitable to achieve a high
Q beyond f00 for the coil and is low enough to prevent problems with

geometric size and unwanted degradations due to unwanted stray ca¬

pacitances. The transistor Mi. which provides the gain, is a 500 //m
wide lpm SACMOS transistor chip with the substrate connected to the

source node to prevent any body effect. The gate source capacitance is

in the order of 0.75 pF while the drain gate capacitance is about 0.23 pF.
This transistor is bonded on a small 5 mm by 12 mm PCB connected

to another PCB which contains the rest of the oscillator circuit.

To prevent the transistor Mi from leaving saturation, the gate volt¬

age Vq should not exceed the drain voltage Vd by more than the thresh¬

old voltage Vp- Furthermore, to avoid damaging Mi, V\ as well as Vds
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should not exceed the maximum voltage Vtm of 5 V. Assuming Ci

equals C2- the AC gate source voltage Vq
lc

should be limited to the

value given in eq. 3.8. Then the maximum oscillator amplitude can be

achieved for the gate bias voltage Vgdc according to eq. 3.9.

ViACp=(yru-Vinc+VT)ß (3-8)

VGdc - VD - 2\\
XCp

+ VT - VD - 2(VTM - ViDC - ^)/3 (3.9)

It is advantageous to choose large enough Ci and C2 for two rea¬

sons: to reduce the influence of varying gate-source capacitance on the

oscillator frequency and to enable oscillât ion-amplitude measurement

at gate and source node. For Ci and C?, equal capacitances of 100 pF
have been chosen. To assure that the capacitance of the resonator is as

linear as possible, NPO ceramic capacitois are used.

Because the inductor dominates the Q factor of the tank-circuit, a

careful implementation of the coil is impoitant. At 50 MHz, a 200 nH

inductance will be sufficiently high and can be realized with 7 windings
of a simple enamelled copper who. where the equivalent series resistance

Rf^f of the coil is less than 0.5 Q. To keep stiay inductances and capaci¬
tances small, the tank-circuit should be kept compact. It uses a 23 mm

by 10 mm area on the PCB where half of this area is used for the coil.

The Q factor of a high Q inductance is difficult to measure because

small phase errors cause large erroneous real parts of the impedance.
For this icason, the Q of the tank-circuit at resonance was determined

by measurement of the equivalent parallel resistance Rpq between the

gate node and ground. Under the assumption of ideal capacitances,
the equivalent series resistance R6^ of the coil can be determined by
calculation when the values of the other components are known.

Amplitude measurement for various supply currents Iq has been

achieved by different values for the bias resistances RB. Because RB
influences the resonator Q, the equivalent parallel resistance Rpq that

represents loss by RB and Rp1 must take into account RB. To reduce

the Q of the resonator furthermore, an additional resistor Rp can be

connected in parallel to the coil Ls- The capacitance Cp of 2 11F in series

to RP serves for DC block purpose. The equivalent parallel resistance

Rpq of the tank-circuit stand for loss of Rp. RB and ReTq.
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To enable a comparison of the oscillator amplitude with the pre¬

dicted one, an oscillator tank-circuit similar to the one in figure 2.4 a)
is assumed with an equivalent resistance Req in series to an equivalent

coil Leq at center frequency lvc. The equivalent resistance Req includes

loss due to RB) Rp and ReLq (see figure 3.2). The values of RB and

Rp which are associated with the calculated and measured amplitudes
shown in figure 3.3, are assembled in table 3.1 as well as the measured

values RP9LBi /"o, a;, and Vcm-

Amplitude

4

3.5

3

[V] 2

1.5

1

0.5

0

0 0.5 1 1.5 2 2.5 3 3.5 4 4.5

[mA]

Figure 3.3: Oscillator amplitude at gate as a function of Lq for dif¬

ferent Q factors of the resonator-circuit: - - calculated, ~~ measured.

LK- Rp = co; 2); Rp = 3 m, 3); RP = 1 kü and 4K- RP = 499 0.

The values associated with the measurement and the calculations are

shown in table 3.1.

To prevent the Q factor of the resonator from deterioration, an ac¬

tive probe with a small load capacitance of 0.6 pF has been used for

the amplitude measurement at the gate node. As biasing for the gate

voltage is performed at high resistance, the probe is AC coupled with a
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2 nF NPO capacitor to prevent the bias voltage of the transistor from

being degraded by the 100 kO, DC resistance of the probe.

f Rb -ncq

HPlb Rp RePg ryeq C) X Vc Vec
MHz kO kf2 n fi Q niA Vv vP
50.25 90.9 7.8 oo1} 7.80 k 0.51 0.06 -0.22 0.3 4 0.37

50.22 10 6.6 oo1) 6 60 k 0.60 0.58 0.81 3.63 3.70

50.15 10 6.6 2k2) t.53 k 2.60 0.56 0.38 0.75 0.77

50.14 6.8 6.0 2k2) 1.50 k 2.65 0.83 0.48 1.12 1.13

50.10 3.91 5.1 2 k 2)
1.44 k 2.76 L.44 0.54 2.0 L.91

50.10 2.74 4.4 2k2) 1.38 k 2.88 2.05 0.59 2.8 6 2.64

50.24 10 6.6 f kJ) 868 4.56 0.55 -0.09 0.36 0.39

50.22 6.8 6.0 lk3> 857 4.62 0.81 0.07 0.57 0.59

50.19 3.9 5.1 lk3i 836 4.73 1.4 0.26 1.05 1.03

50.18 2.74 4.4 lk3) 815 4.85 2.00 0.32 1.51 1.45

50.16 1.3 2.9 fk31 744 5.31 4.18 0.41 3.10 2.81

50.47 3.91 5.1 499 4) 454 7.22 1.34 -0.13 0.46 0.60

50.45 2.74 4.4 499 4) 448 8.71 f.91 -0.04 0.71 0.73

50.40 1.3 2.9 499 J) 426 9.14 4.07 0.13 1.53 1.51

Table 3.1: Comparison of measured and calculated oscillator ampli¬
tudes Vcm and Vq, and values of the components shown in figure 3.2.

The values of Rp indicated by l>
..

*'
an associated with the curves

^
..

4)
in figure 3.3.

3.2 Oscillator response to an injected noise

current

One way to find the oscillator noise spectrum is, in a first step, to deter¬

mine the voltage response V\u across Ci due to the sinusoidal current

signal In that is injected into the S node as shown in figure A.l a). The

ratio V\v/In then leads to the transimpedaiice Zfu of the oscillator in

operation. In the following, the voltage response V\u is assumed to be

much lower than the amplitude Vm of the carrier, which is reasonable

in case of oscillator noise.

The beating function s(t) of the transistoi operating in class-C mode
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can be considered to be strongly periodical with period T = 2tt/ujc
whereas modulation of s(t) by the noise is negligible because noise is

much smaller than the carrier. This is a reasonable assumption because

a phase or frequency modulated and amplitude modulated oscillator

signal can be considered as the sum of a stable carrier with added noise

spectrum and the image noise spectrum according to 2.5.1. As mix¬

ing products between carrier and noise are much stronger than those

between noise components, the latter may be omitted at cost of low

error.

3.2.1 Transimpedaiice of the running oscillator

Due to an interfering small sinusoidal current at frequency wc + Aw

injected into the node S in figure 3.1 b). the AC voltage Tq across C\
consists of the carrier component at wc with amplitude Vm, a sidelobe

at (wc 4- Aw) with amplitude V\u and a sidelobe at (wc — Aw) with

amplitude Vp as shown in eq. 3.2.1. Introduced into eq. 3.1 the source

current of M\ equals eq. 3.10.

Vi = Vm cos(wcq) + Vlu cos[(wc 4 Auj)t + 4\]
+Vq cos[(wc - Aw)f + <F/J 4- VB

Is{t) -= i{Vm cos(u)ct) + Vu cosf(wc -4- Auj)t + $M]

+Vi, cos[(wc - Aw)f + 4>,] + VB - CT}2 (3-10)

•{¥ + Eri^i!^I^cos(?wcf)}

After expansion of eq. 3.10, only the terms at wc, ujc + Au and lûc — Aco

are collected because the terms at Aw and those of higher harmonics

of wr are heavily attenuated by the resonatoi and the contribution is

minor. Also those terms of second-order combinations of Viu and Vp
have been neglected as they are much smaller than the terms selected.
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The significant parts of Is(t) are represented in eq. 3.11.

Is(t) « ^f [(2 4- ,t2)\/l - x2 - 3x arccos(,r;

• {Vm cos(ujct) + V±u cos[(wc 4- Au))t 4- éu] + Vp cos[(wc - Aw)t 4- 4>i]}

+^ (1 - x2) " {Vlu cos[(wc 4- Aw)t 4- d>u] + Vh cos[(wc - Aw)t + <p,)

4- V"iu cos[(wc 4- Aw)f — cr')u] 4- Fq cos[(wc — Aw)t — qbp]}

(3.11)

Application of the KirchofFs current law at the S node in figure A.l a)
leads to eq. 3.12.

ls{t) + In(t) + h+h = 0 (3.12)

From 3.12 the four equations in eq. A.14 are achieved by comparison of

sine and cosine components at the frequencies wc. wc4-Aw and wc —Aw.

The unknowns (ftu, (pj, Vi[( and Vf, have been solved analytically in [33]
for the Colpitts oscillator where the transimpedaiice Ztu = Viu/In has

been determined for frequencies close to the carrier shown in eq. 3.13

as well as for frequencies far from the carrier shown in eq. 3.14.

Vp
_

1

1^ ^AdWiTcTpAw
Zf°&L (3.L3)

T/ 1

lliL _ zfar t3 141

/„ ^2(d4C2)Aw ^/Jt- [àA4)

The transimpedaiice Zfu can be solved for a more general resonator-

circuit as shown in appendix A. As an example, Zfu for the Clapp
oscillator can be calculated bv use of eq. A,23 to A.25.

If the transistor operates in class-C mode, the feedback current is

similar to that in eq. 3.10. As long as the second order combinations

of the interfering voltage components can be neglected, in steady state,

expansion of the square law function in eq. 3.10 leads to pairs of voltage
noise response components at wc 4- Aw and wc — Aw. The generated
current components of Is(t) can be solved individually for each offset

frequency Aw if for several frequencies Aw noise current components at

wc4-Aw are inject eel into the S node in figure 3. f. Therefore, application
of noise analysis of common linear networks can be applied to calculate

oscillator noise Viu(wr + Aw) from known noise source Jn(wc 4- Aw)
multiplied by the transimpedaiice Ztu (Aw) of the running oscillator.

Similar to that Vq(wc — Aw) = r„(wc + Aw) Zfi(Aco)
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a) b)

Figure 3.4: a) Noise current injection into the Colpitts test oscillator,

b) Noise current injection by the noise voltage source Vn.

3.2.2 Transimpedance measurement at the running
oscillator

The measurement setup with a Colpitts oscillator in figure 3.4 serves for

verification of the calculated transimpedaiice Ztu — \\ (wc+Aw)//„(wc+
Aw) introduced above. While V\ is the voltage across the capacitor Ci,
In is the noise current, injected into the S node of the oscillator circuit.

Unfortunately, the transimpedance Ztu of the running oscillator is diffi¬

cult to measure. A simpler approach is to measure the transimpedaiice

Zsu = V2u/In between the S node and ground and determine Vqi( by
calculation from Vou and the ratio of Vi/V2- The voltage lq depends on

V2 according to eq. 3.15 where Z\, Z2 and Z'i are defined in figure 3.5 b).

V =-V
Zx

Zi Zi
'3.151

At frequencies close to the carrier, the ratio V1/V2 almost equals the

ratio C2/C1. But at higher positive offset frequencies from the carrier,
the ratio of V1/V2 decreases according to eq. 3.15 because the impedance
0ÎC2 is much smaller than the one of Ls- In contrast to this, at negative
frequency offsets, the impedance of the series circuit of Ci and Ls is

reduced compared to the one of Co- The minimum occurs at the series

resonance where the source node of Mi is nearly short circuited to

ground. The two curves in figure 3.5 a) show the ratio V1/V2 for the

component values in table 3.2 for positive and negative frequency offsets.
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Figure 3.5: a)

resonator-circuit.

-HI/IK2-. +: Af > 0. x: Af < 0, b) Oscillator

fc c\ c2 Cs L^ i?s Rb Rq Ri

MHz pF pF nF nH 0 kn tt n

88 48 48 l 136 3.08 50 50

Table 3.2: Component values for the Colpitis oscillator.

3.2.3 Transimpedance measurement between source

node and ground of the running oscillator

The measurement setup shown in figure 3.6 can be used to determine

the transimpedaiice Zsn and Zs, in the following denoted by Zsu, •
The

method to measure the transimpedaiice Zsu ,
defined in eq. 3.16 is to

inject an AC current /„ into the S node in figure 3.4 a) at a specific offset

frequency Aw from the carrier and to measure the generated voltage
V~2U j

at both frequencies (wc 4- Aw) and (wf - Aw).

ZSU ,
- V2u JIn [3.16)

V2u ,
can be measured using high impedance probes with load capaci¬

tance of less than 1 pF. It is important to prevent the oscillator from
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HF Probe

HP 54701A

Spectrum

Analyzer

HP 8563E

GND

Figure 3.6: Setup for measurement of the transimpedance Zsul using

a signal generator and a spectrum analyzer.

unwanted reaction such as pulling. Thus, the injected current In should

be as low as possible, but high enough to generate a voltage V2
z
that

is still a few dB above the oscillator noise. lou ;
can be measured by a

spectrum analyzer.

As a sinusoidal voltage generator with 50 f2 output resistance instead

of an AC current source is easier to use. the cmrent In can be generated

by a corresponding voltage source Vn as shown in figure 3.4 b). Vn can

be determined by eq. 3.17.

V — T
RB + (Rn\\Ri)}R•-Q

(^ll^l
(3.17)

Equation 3.18 describes a second way for the determination of the

transimpedance Zs- In this context. Zp is the impedance between

source node and ground of the oscillator circuit excluding the resis¬

tances RB) Rj and Rq. Zs can also be cxpiessed by eq. 3.21 when Zp

is substituted by eq. 3.19 and when T„B is substituted by eq. 3.20 while

K is the ratio of the measured voltages Vj and V2 according to eq. 3.22.

The measurement of \j and 13 can be performed using a network ana¬

lyzer as shown in the setup in figure 3.7. In this case, the internal signal

generator of the netwoik analyzer provides the voltage Vp.

According to eq. 3.20, the current IB is determined by the impedance

RB) which is known, and the difference of the voltages Vj and V2- Am¬

plitude and phase of both of them have been measured. Notice that
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Figure 3.7: Setup for the transimpedance measurement of Zsu using

a network analyzer.

RB may only be considered to be real as long as the physical length

of the resistance array can be neglected. Measurements of the SMD

resistor components used showed that stray inductance and influence of

capacitive strays do not increase the absolute value of the impedance

by more than a few percent at 100 MHz. Thus, Z$u can be determined

by measurement of Vj and V~2U and the known resistances of RB, Rj

and Rq.

Zs

Zp

I
WB

Zc

K -

Zt\\(Rb

To

J-tlB

Vj _ V2

Rb

Rq\\Rj) =
Zp(RB3 Rq\\Ri)

Zp + Rb + (Rq\\Ri)

Rb + (Rq\\Ri)

1 + (A'- 1)(14-

V2 VB

Rq \Ri

Rb

Rb

K RB^>RQ,Ri
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(3.19)

(3.20)

(3.21)

(3.22)
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Comp. value

a)

C\ := 48 pF

c2 == 48 pF

Cs --= f nF

Ls == 135.8 nH

Rs -
= 2.2 Ü

Rb == 6 m

Ri == so n

Mi :

W/L == 496.8/1

b)

Figure 3.8: a) Oscillator schematics, b) List of components.

Setup with a Colpitts oscillator

Using the setup in figure 3.6, the transimpedance Zsv l
of a 88 MHz Col¬

pitts oscillator has been determined. Figuic 3.8 a) shows the schematic

of the simplified oscillator circuit.

The purpose of the 1 nF NPO capacitance Cs is to isolate the gate
DC voltage from ground, at the same time it has a negligible influence on

the oscillator performance. The values for the components are shown

in figure 3.8 b). The coil Ls has been implemented using 4 turns of

a simple enamelled 0.8 mm diameter copper wire. In contrast to the

oscillators mentioned above, the l^ni SACMOS transistor chip with

1/im gate length and 500 pm width has been bonded directly on the

PCB to enable simple characterization of the passive resonator. The

bias resistance RB has been realized bv five similar 1.2 kO resistors

connected in series to minimize the capacitance across.

In order to enable precise measurement of In, it is important that

the voltage V2 due to Vj is only caused by current that flows trough
RB into the S node. Therefore, special care has been taken on shielding
the oscillator circuit from unwanted electromagnetic fields as well as the

resistance RB as indicated by the dashed lines in figure 3.8 a).

To guarantee that the oscillator model is close to the physical circuit,

a 2.2 Q resistance has been connected in series to the coil Ls which

dominates the total equivalent lesistance Rq of the resonator and.
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therefore, the Q factor. All oscillator components have been measured

so that reliable comparison of the theoretical calculated transimpedance

Zs with the measurements is possible.

In the case of impedance measurement of the tank-circuit between

the S node and ground, the equivalent resistance of the coil differs be¬

tween series or parallel resonance because it depends on frequency. The

two lesonances occur at 89.76 MHz and 61.52 MHz respectively. At

parallel resonance the real pait of the impedance is 460 0, which cor¬

responds to an equivalent series resistance Rs^q of 3.10. At series res¬

onance a real part of 2.6 0 is produced. Taking into account the 2.2 0

resistance of Rs, the equivalent loss resistance of the coil can be deter¬

mined from the two measurements. Due to skin effect, it varies between

0.4 0 and 0.9 0 for the frequency change from 64.52 MHz to 89.76 MHz.

The minimum required transconductance gmc = RsCiC^cof for start¬

up is 2.17mS. To achieve a ratio of more than 3 for gmi/gmc, a gain of

6.5mA/V for the CMOS transistor used is required. For this reason, a

current of 500 pA is necessary as the transistor has a width to length
ratio of 496.8 pm by 1 pm and a transconductance of 90 p.A/V2. A

battery driven regulated 5 V power supplv is included in the packaging
of the oscillator. This prevents any external distmbances from power-

supply.

At a current consumption of 473 p A. oscillation occurs at 88.05 MHz

with an amplitude of 368 mV at the S node which is only 2 % lower than

the calculated 375.8 mV according to eq. (5) in [34]. The question arises

as to what effect is responsible for the observed frequency difference of-

1.54 MHz between the oscillation frequency of the oscillator in operation
and the resonance frequency /0 of the passive tank-circuit only. One

reason is that in the final oscillator the 0.75 pF gate souice capacitance
of Mi adds to Ci and that the 0.23 pF drain gate capacitance Cnp
of the transistor adds to Ci and C3 connected in series. Furthermore,
C2 is increased by the 0.6 pF of the probe as well as by some stray

capacitance of 0.5pF to 1 pF due to a 2nF capacitor that is connected

in series to the probe. This leads to a 0.69 pF to 0.82 pF increase for the

total resonator capacitance C. According to eq. 2.65, this capacitance
vaiiation corresponds to a frequency decrease of 1.3 MHz to 1.5 MHz

which is close to the measured frequency reduction.

To determine the transimpedance Zs between the source node and
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ground of the running 88 MHz oscillator, the generated sidelobes can be

measured when a sinusoidal signal Vj at frequency fc 4- A/n is applied
as shown in figure 3.8. Zs can be calculated through this measurement

when the power of Vj is known by use of eq. 3.21. Reliable measure¬

ment of the sidelobes is only possible when a set of measurements can

be averaged. However, the use of the average function of the spectrum

analyzer will lead to large errors because over time the free running
oscillator shows slight carrier frequency variations. These changes are

caused by variations of the resonator component properties due to tem¬

perature variations.

One way to circumvent this problem is to detect the carrier frequency
for each single measurement and set the analyzer to the expected side¬

lobe frequencies. To make the sidelobes visible above the oscillator

noise, a small resolution band width has to be used to reduce the ap¬

pearing noise level. The current location of the sidelobes can be found

by using the ''marker to peak"' function after each single sweep. Aver¬

aging has been performed by the sum of the individual measured values

being divided by the number of measurements.

3.2.4 Experimental results

The measurement of Vju t
in figure 3.9 has been performed with the

setup in figure 3.6. The amplitude of Vj is chosen individually for each

frequency offset Afn so that the sidelobes of the oscillator response are

visible only a few dBs above the oscillator noise. For this purpose, an

additional attenuation unit shown in figure 3.6 is connected between the

signal generator and the input Vj while the generator delivers —6 clBm.

Measurement starts at a A/„ of 125 Hz with the attenuation unit

selected to —97 dB whereas it stops at a 61 MHz offset frequency with

the attenuation unit selected to -20 dB. The measured as well as the

calculated responses Vju and VA, are normalized to a V} of —26.5 clBm

that is the sum of the -6 dBm of the signal generator and the -20.5 dB

of the active high impedance probe. The plotted symbols (+, x) show

the sum of the measured responses in dBm at the spectrum analyzer

input and the value of the attenuation used (the response V~2u at the S

node shown in figure 3.9 was in reality -48.1 dBm for the 125 Hz offset

frequency).
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V2 normalized to Vi = -26.5 dBm
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Figure 3.9: Measurement and calculations of the oscillator voltage
response across C2 due to signal injected into the S node at wc + Af.
o ; passive resonator at fc + Af. : TA^ calcidated by eq. A.26 (sim¬
plified), ; VAu calculated In/ eq. A. 18 (increased accuracy), + .* V~2U
measured at Af, x : VA, measured at —A/.

Notice that the original calculations in [33] determine the tran¬

simpedance Ztu — V{u/In. However, to enable a comparison between

theory and measurement, all calculations in figuie 3.9 have been scaled

by In V~2u/Viu to IAU — InZsu because the voltage Vj has been measured

with the spectrum analvzer.

The measured response V"2U at (wc +Aw) indicated by 4- is compared
with the dashed line for the positive sidelobe according to formula A.26

[33]. The deviation from measurement is less than half a clB up to

Afn = 400 kHz and within 3 dB for Afn below fO MHz. To enable

comparison at A/'„ beyond 10 MHz. the more accurate formula A.18
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Figure 3.10: Circuit of a discrete 49 MHz Colpitts/111 MHz Clapp
oscillator.

instead of eq. A.26 should be used. This leads to the voltage response

indicated by the continuous line which shows deviation of only a few

dB from the measurement. Up to now, no explanation is available for

the deviations beyond 16 MHz offset frequency.

It is obvious that the assumptions made in [33] are valid up to very

high offset frequencies because the calculated response of the passive

resonator follows the more exact calculated response very precisely, even

beyond fO MHz. Reliability of the measurement is evident up to 16

MHz as the calculated transimpedance of the passive tank-circuit agrees

closely with the measurement between 2 MHz and 16 MHz.

Measurement of another Colpitts oscillator

In addition Ztu of another Colpitts oscillator has been measured. This

oscillator, of which the schematic is shown in figure 3.10, can be config¬
ured as a Colpitts oscillator when the resistance Rp is short circuited,
as indicated by the dashed line. Otherwise, the circuit operates as a

Clapp oscillator. Hie capacitance Cp of f nF and serves for DC block

purpose. The values of the components used for the 49 MHz Colpitts
oscillator are assembled in table 3.3. The equivalent resistance Rfff of
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the coil is about 0.48 0 at 50 MHz, however the resistances of the ca¬

pacitances Cp, C\ and Co can be neglected. The transconductance K'

of the transistor M\ is 90 pA/V".

Measurement of the transimpedance Zp for positive (Zsu) and neg¬

ative sidelobes (Zsf) has been performed with the setup shown in fig¬

ure 3.7. At a current consumption of 494^/A, the oscillator operated at

49.0 MHz with an amplitude Vm of f2dBm, measured at the S node.

The dashed line in figure 3.11 shows the transimpedance Zs cal¬

culated with eq. A.26 [33] whereas the solid line shows calculation by

eq. A. 18 with increased accuracy. The diamonds and the circles show

106

10°
Q 4 K K T Ö

10 10 10 10 10 10

Offset frequency Af [Hz]

Figure 3.11: Measurement of the Jp9 MHz Colpitis oscillator and

comparison with calculations. O : Zq at Af > 0, o; Zq
Jz *-'

p a *> s i î e <J
"

^passive

at Af < 0. - - - ; Zsn calculated by eq. A.26 (simplified). ; Zsu
calculated, by eq. A.18 (increased accuracy). 4 .* Z$v measured (positive
sidelobe), x : Zs, measured (negative sidelobe).
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Cx CA Ls Rerj) Rp Rb Ri Req Rd Mp. W/L K'

pF pF nH d ft kÜ Vt ij O pm/pm uA/V2
120 119 193 0.4 0 10.9 50 0.47 50 496.8/1 90

Table 3.3: Components used for the j9 Mhz Colpitis oscillator.

the transimpedance of the passive resonator between the S node and

ground. Up to 200kHz frequency offset horn the carrier, the measured

slope, indicated by 4- for positive frequency offsets, shows coincidence

with the calculated slopes within one or two dB. Between 200kHz and

1 MHz offset frequency, large differences with their maximum at 500 kHz

are observed, the cause of which is not clear up to now. But, beyond
1 MHz close coincidence within one or two dB is achieved.

Clapp oscillator

The verification of the calculated transimpedance given by the expanded
formula A. 18 is performed on the Clapp oscillator shown in figure 3.10

for which the short, indicated by the dashed line, has been removed.

Due to the term C\ * C2/OS in eq. A.25 the transimpedance Zsu is

much lower than the one of a similar Colpitts oscillator. This explains
the better noise performance of the Clapp oscillator resonator structure

such as the model circuit of a crystal. In the case of a Colpitts oscillator

the term Ci * C2/C5 in eq. A.25 disappeais as Cs is 00.

The values of the components used foi the 111 MHz Clapp oscillator-

are assembled in table 3.4. The equivalent resistance iCfj of the coil is

about 0.7 O at f00 MHz. If the oscillator is operated for various supply
currents the oscillât01 amplitude can be adjusted by Rp to prevent

Mi from damage. The transconductance K' of the transistor Mi is

90 pA/V". At a current consumption of 4.78 111A, the oscillator operates
at 110.48 MHz with an amplitude Vn) of 3 dB. measured at the S node.

The measurement of the transimpedance Zsv for the upper sidelobe,
shown in figure 3.12. has been performed with the setup in figure 3.7.

The transimpedance Zsu is 6 times lower than the one of the 49 MHz

Colpitts oscillator due to the tenu Ci * C3/Cs in eq. A.25.
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Offset frequency Af [Hz]
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Figure 3.12: Measurement of the 111 MHz Clapp oscillator arid

comparison with calculations, o .- Zspa^lle at Af > 0, - - - : Zsu
calculated by eq. A.26 (simplified). ; Zsu calculated by eq. A. 18

(increased accuracy), -f- : Zsu measured (positive sidelobe).

Below 1 MHz offset from the carrier, the prediction of eq. A.23 agrees

well with the measurement of the lfl MHz oscillator. Up to a 32 kHz

frequency offset, the solid line, according to eq. A.23 as well as the

measurement indicated by -+-, coincides with the dashed line given by
eq. 3.23 according to eq. A.23.

V 1

In 4Aw(Ci + C2 + epep (3.23)

For frequency offsets between 61 kHz and 256 kHz, the measured

impedance does not increase so rapidly as the calculated one. Beyond
1 MHz, where the transimpedance begins to be dominated by the pas¬

sive tank-circuit, the impedance of the passive resonator matches the
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d C2 Cs Ls ReLq Rp RB Th Req Rd Mp. W/L
pF pF pF nil kO kO kQ 0 Ü Q pm/pm
120 119 12 193 0.7 10 1.11 A?) 24>7^ 50 496.8/1

Table 3.4: Values of the components used for the 49 Mhz Colpitis
oscillator.

calculations very precisely. However, beyond a 2 MHz frequency off¬

set, the measured impedance begins to diverge from the calculations

and becomes drastically lower at a frequency offset of 32 MHz. For

the deviations between calculations and measurement no explanation is

available up to now.

Furthermore, the plot shows clearly that below the cut-off frequency
of the passive resonator the impedance of the running oscillator does not

depend on the Q factor. Although several omissions have been made in

order to achieve eq. A.23 according to [33]. in the range of interest not

too distant from the carrier, the close agreement between calculation

and measurement proves that the relevant parts have been taken into

account.

3.3 Oscillator noise spectrum

The spectrum of the noise voltage V±u across C\ can be calculated

for each offset frequency Aw by eq. A. 16 and the two components

7+(wc + Aw) and Ijf(<joc - Aw) that are part of the equivalent noise

current In. This eqivalent noise current includes noise of the transistor

Mi, the bias circuit and the resistive part of the resonator and injects
current into the S node as shown in figure A.l a).

3.3.1 Oscillator noise spectrum due to thermal noise

Close to the carrier eq. A.16 simplifies to eq. 3.21 under the constraint

that In is produced by thermal noise whereat If/ and T~ are uncorre-
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lated to each other and show the same rms value.

J*
Vi (wc4 Aw) = --=—

_"
. (3.24)

Vömt02t Rt
^ u2C2RpRt^ Cs )^u

The current noise density /„ can be determined by summation of the

power of the equivalent thermal noise sources that are referred to the S

node.

Equivalent noise current sources

When a bias transistor delivers a constant bias current, the equivalent
thermal noise current density InBrm-, can be calculated by eq. 3.25 ac¬

cording to eq. 2.83.

8kT
LiB'rns = \ Z 9ms \o.2o)

In the case of a simple resistance Rt for the biasing as shown in fig¬
ure A.l b), the current noise density lf,Bims equals AkT/Rt.

Equivalent noise currents due to resistance in the resonator must be

calculated for each resistance individually. Near the resonance frequency

wc, the resistance Rp in parallel to C's can be expressed by an equivalent
series resistance Rcss calculated by eq. 3.26.

p
Rp

~

1
(1 or\

"CSS
—

. lro r>2
~

o/-y2 d [O.ZÜ)
l + wCçitp Loz\LzRp

Using eq. 3.27, the resistance Rt in parallel to C2 can be transformed

into an equivalent resistance Rcu2S that is in series to C2.

R I
j?roc - At ~ c* 97)

1 ~r W"L oltf CopLj o-tif

The sum of Rcss, Rs and Rp2^ contributes to an equivalent series

resistance Rcsq in series to the coil Ls- The equivalent resistance Rc2P
in parallel to C2 can be calculated from eq. 3.28.

1 1
^^ß" + w^C^"w?(-^ (3-28)
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The equivalent current noise density Irs at the S node produced by the

passive tank-circuit can be calculated by eq. 3.29 near wc.

,C'
iRsrms = yAkM/R^ = sd.AkTio2CiRsq = ^4kT-^gmc (3.29)

The dominant noise sources of Mi are thermal noise and 1/f noise.

The latter is dominant over thermal noise only at low frequencies ac¬

cording to eq. 2.87. Despite 1/f noise being up-converted by the beating
function of the transistor Mi that operates in class C mode, it is not

considered here because oscillator noise at frequency offsets of interest

is often dominated by thermal noise.

The determination of the current noise spectrum density Idchrms
injected by the transistor Mi is complex to analyze. Before this current

noise density can be calculated, the drain source current as a function of

time has to be known. For an exact determination, the noise current for

a specific current through the transistor should be determined during an

innnitesimally short time interval taking into account the corresponding
spectrum in the frequency domain of the short interval. Summation of

the spectra of all time intervals during one oscillator cycle leads to the

noise spectrum of the current.

Since the duty cycle Ton/Tpcr of the switching transistor Mi is

usually smaller than 50 %, one method is to approximate the current

through Mi as a series of rectangular pulses s(t) of the height Ion —

lo/Ton * Tper with the area of each pulse identical to I0 times Tper.
The switching function of the ti ausistor s(t) can be represented by the

Fourier series depicted in eq. 3.30.

, „ , v—>
2 sm A'wr ~

s(t) = Ton/Tper + V jr-^- cos kujct (3.30)
— KIT

k = l

In the case of the current noise density Idchrms having a much wider

bandwidth than the oscillator frequency, the gated noise function 1^
at

is the product of Idchrm^ and Ton/Tper according to [23].

In other words, during the interval when the transistor is switched

on, the injected current noise density L_phrms can be calculated by
eq. 3.31 where the transconductance gmi is s/23il0n.

Idchrmi - \/4AT2/3#mi (3.31)
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Because the transistor contributes no noise while it is switched off, the

current noise density scales with the factor Tori/Tper.

2 T

Idchrms — \l 4kT-gmi (3.32)
o 1

pe r

By substitution of gmi by \/2IoTper/Ton3 = gmo\/Tper/Ton, the current

noise density can be expressed by eq. 3.33.

y r, 9mO\J Lper / L
onIdchrms — \ r, 9m0y

Tper

/Ton (3.33)

Because Ton/Tper = arccos(.r)/7r, the injected current noise density Idgat
can be rewritten to eq. 3.34.

'dgai

8kT /arccos (x) .

-zr9mo \ (3-34)
3 V rr

The total current noise density of the equivalent source In is the sum

of the individual noise power density of each individual noise source that

injects noise into the S node. The sum is given by eq. 3.35.

L =
am i

^2 ,2 /arccos(s)
. . ,

4kT —9mcA -g,vO\
-1 (3.35,

"^\ \Ch 3 V TT

3.3.2 Experimental results

Colpitts oscillator

The noise spectrum of the Colpitts oscillator voltage at the source node

S shown in figure 3.8 a) has been measured. Signal outcoupling has

been performed by a probe, made of a NPO IpF capacitance connected

in series to a 50 0 coax cable that is terminated by the 50 Q input of

the spectrum analyzer. The parallel combination of a 47 pF capacitance
and the probe (4pF capacitance in series to 50 0) corresponds to a ca¬

pacitance of 51 pF with a 0.3 O resistance in series according to cq. 5.17.

Thus, the Q of the oscillator is only slightly reduced when the probe is
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Figure 3.13: Noise spectrum of the 87MHz Colpitts oscillator as a

function of the offset frequency from the carrier.

connected in parallel to CA. The probe divides the oscillator voltage by

the factor 9.1, which corresponds to -19.17 dB.

The measurement in figure 3.13 shows the noise spectrum of the pos¬

itive and negative sidelobes as a function of the offset frequency from the

carrier. The plot is the average of 20 independent measurements done

at each of the offset frequency points logarithmically spaced between

100 Hz and 204.8 kHz. The curves show a 20 dB per decade slope indi¬

cated by the thin dashed line, where the noise level is about -93 dBc/Hz
at 1 kHz from the carrier.

The measured amplitude of the oscillator was -0.6 dBm and the cen¬

ter frequency was at 86.387 MHz. Using the values in figure 3.8 b),
the noise calculation according to eq. 3.35 shows -91.2dBc/Hz at f kHz

offset from the carrier. This is within 1.8 dB to the measurement.
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Figure 3.14: Noise spectrum of the 111 MHz Clapp oscillator versus

offset frequency Af.

Clapp oscillator

The calculated noise of the Clapp oscillator used for the measurement

of the transimpedance in 3.2.4 is only -111.2 dBc/Hz at a 1 kHz offset.

Unfortunately the noise floor of the spectrum analzer is too high to per¬

form noise measurement on an oscillator with this noise characteristic.

Therefore, noise measurement with a spectrum analyzer is not feasible.

On the other hand, noise measurement performed by the method of

"phase detector with reference source1' that uses a setup with a phase-

lock-loop is feasible down to -150 dBc or even lower dependent on the

noise performance of the reference oscillator.

The measurement of the Clapp oscillator in figure 3.14 shows that

noise very close to the carrier is mainly dominated by 1/f noise. However,

between 10 kHz and 40 kHz the noise falls with 20 dB/decade where at

a 20 KHz offset a -135 dBc/Hz is shown. At this offset from the car¬

rier, the calculated noise clue to thermal noise is -137.2 dBc/Hz. This

is within 2.2 dB to the measured noise density.
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Chapter 4

Monolithic LC Oscillator

in CMOS

After some general considerations of the 1 pm. SACMOS technology at

low GHz frequency, an experimental study of a Clapp oscillator with a

LC-resonator built of discrete components is discussed. The low phase
noise at low power consumption observed proves the feasibility of CMOS

transistors for RF LC oscillator circuits. The measured results of an

integrated source coupled oscillator are presented while an external bond

wire serves for the tank inductance.

To answer the question, what oscillator performance with regard
to power consumption and noise is possible when an integrated tank is

used, firstly the measured results of several integrated rectangular spiral
coils are discussed. Likewise a circuit model that is simple to apply with

a circuit simulator such as SPICE is considered. This model represents

the transimpedance of such coils precisely in the frequency range of

interest. As the use of the integrated coils is not only limited by the

DC resistance but much more by the low resistive substrate, substantial

improvement of the Q factor can be achieved by the application of post

processing to remove the substrate below the coil. The method used

as well as the improvement of the characteristics of different integrated
coils is demonstrated.

73
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Although a source coupled oscillator shows a slightly lower perfor¬
mance than a Colpitts oscillator, this type has been integrated as it is

simple to apply. Both oscillator types are compared with respect to

power consumption, start-up as well as oscillator amplitude and noise.

In addition a method is presented to optimize the width of the gain

providing transistors with respect to minimum power consumption. Os¬

cillator measurement is presented for coils of different sizes before and

after applied post processing.

The integration of digital and sensitive analog circuits together on

the same CMOS chip may lead to cross coupling of digital switching
noise into sensitive analog circuits, such as the LC oscillator. After

a brief review of these effects, a method to isolate the analog circuit

from the remaining noisy part is discussed. The method can be applied

using the same post processing as performed for the coils to improve

the Q factor. Aspects such as bonding and robustness on mechanical

interference are considered. The measured results of a particular test

circuit are presented and discussed.

4.1 Feasibility study on l/im SACMOS

As a part of the the KWF project 2302.1 "Entwicklung und Charakter¬

isierung von 1 pm SACMOS Schaltungen der KommunikationstechnikA

which was part of the Jessi subprogram EUREKA EU. 127, investiga¬
tions of the feasibility of the 1-pm SACMOS technology with regard
to generation of local oscillator signals for modern wireless has been

performed. The l-pm MOS technology can be used without problems
at 1 GHz because of the fact that band limiting factors such as cut-off

frequencies due to the resistance of the poly gate or due to the satu¬

ration velocity of the channel arc higher than 10 times the operation

frequency. The sheet resistance of the poly gate is in the order of 30 0

per square. Using wide transistors with a high number of short fingers,
a cut-off frequency of 20 GHz for the gate structure can be achieved.

The maximum frequency of oscillation fmaT is the upper limit for

which a CMOS transistor can provide more than unity gain. It depends
on the saturation velocity value vs„t and the effective channel length

Leff and can be determined by eq. 4.1 according to [76]. For a 1-pm
CMOS technology fmav will be in the order of 12 GHz for a vsnf of
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75* 103 m/s

Measurement of a ring oscillator implemented in a 1.2 pm. technology
showed an oscillator noise of —70 dBc/Hz at 100 kHz offset from the

carrier. Even a carefully designed ring oscillator [42] shows a noise to

carrier ratio of —80 dBc/Hz at a 100 kHz offset, which is 20 to 35 dB too

high compared with specifications for a local oscillator in a DECT, IS-95

or even GSM transceiver. Therefore, using a 1 pm CMOS technology, a

local oscillator with sufficiently low noise and a wide tuning range can

be achieved only by use of a LC oscillator.

To achieve a high Q oscillator tank-circuit with well-defined reso¬

nance frequency, the frequency determining components can be placed

off-chip [55]. For example, a 10 pF capacitor with Q higher than L00

at L GHz and low tolerances as well as low temperature dependence is

available at reasonable cost [5]. While cheap and small SMD chip in¬

ductors of size "1608r or u2012"' of a few nH are available with less than

±5 % (±2 %) tolerance and a Q between 45 and 75 at 1 GHz, in the

case of high Q tanks, SMD air core inductors with similar inductances

with Q factors up to 150 at L GHz can be used [L3]. To meet the re¬

quirement of high integration at low cost, investigations into monolithic

integration of LC oscillators has been perfornrend using the SACMOS

1-pm technology.

4.1.1 Experimental study on a discrete 830 MHz

Clapp oscillator

To prove the feasibility of the 1 pm SACMOS technology, a LC Clapp
oscillator with a discrete off-chip tank has been set-up as shown in figure
4.1 a). The gain is provided by a 500 pm wide SACMOS transistor with

1 pm gate length. For the tank, two equal 8 pF capacitors have been

used for Ci and C?. 0.5 pF for Cs and an additional 100 pF capacitor
for C3 which enables signal out-coupling. By connecting the spectrum

analyzer to the node between Co and C$ and giound, the 50 Ü load of

the analyzer reduces the Q factor of C3 wdiich leads to an equivalent
0.07 U resistance in series to C^. The latter can be neglected compared

1 9m sat

2tt Cos

J- Vszfi
2^r L

(4.1)
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Figure 4.1: a) LC Colpitis oscillator circuit, b) Cross coupled differ¬
ential pair oscillator.

to the real part of the impedance of the coil that is more than 1 0.

The oscillator operates at 830 MHz and drains L.6 mA from a 3 V

battery. It shows an amplitude of 12 dBm and noise of —118 dBc/Hz
at 100 kHz from the carrier. The same oscillator with Ci and Cs of

5 pF instead of 8 pF shows an amplitude of 5.5 dBm and noise of

—112 dBc/Hz at 100 kHz from the carrier. It operates at 845 MHz

and drains only 0.5 mA from a 1.5 V battery. This oscillator misses

the —115 dBc/Hz noise specifications for GSM by only a few dBs, but.

meets the —100 dBc/Hz for DECT with a margin.

4.1.2 Highly integrated oscillator

One approach to a highly integrated oscillator is the use of a cross cou¬

pled differential pah negative resistance for the LC oscillator. To reduce

the number of external components, the gate capacitance of the CMOS

transistors can provide the tank capacitances Ci and C2 as shown in

figure 4.1 b). A Q factor of 8 can be achieved at f GHz when using
the gate capacitance of a 1 pm transistor for this purpose. To complete
the resonator, a discrete inductor can be used. An integrated f GHz

source coupled oscillator with an external bond wire for the inductance

has been tested. The measurement shows a noise of - 100 dBc/Hz at

100 kHz from the carrier whereas the current consumption is 6 mA at

a 1.1 V power supply voltage. Instead of the inductance, a composition
of a low capacitance Cs with high Q. connected in series to a high Q
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inductance, would improve the Q factor of the tank. However, this ca¬

pacitance should be several times smaller than the series circuit of Ci

and C2 [36]. One disadvantage of the bond wire is the susceptibility to

inductance variation due to tolerances of the bonding process. In con¬

trast to external inductors, the inductance of an integrated coil is much

better defined because the size of the coil geometry is large compared to

the tolerances of the technology used. However, an inductance of a few

nano Henry with a high Q factor at f GHz will be difficult to achieve

when integrated into the 1 pm SACMOS technology due to the lossy
silicon material [82], [56]. Thus, the design of a good inductor with a

sufficiently high quality factor is of crucial importance to achieve a LC

oscillator which not only operates at reasonable power consumption,

but also shows a noise to carrier ratio that is low enough.

4.2 Integrated Inductances

For a 1 GHz oscillator, the resonator can be realized using a capacitance

of a few picofarad, and an inductance of a few nano Henry. The latter

can be implemented in the form of a spiral inductance. For many years

such inductances have been implemented on insulating substrates such

as standard printed circuit boards, suitable ceramic and sapphire hy¬

brids [17]. At high GHz, integrated inductors are widely used in MMICs

based on GaAs technologies.

While years ago. investigations of coils on silicon were considered

to be futile [82], successful integration of coils in bipolar technologies
for filter and oscillator tank purpose have been peiformed in the recent

decade [56], [57].

At DC, the resistance and inductance of the coil can be determined

[29], [28]. However, dependent 011 the substrate used, prediction of

the electrical characteristics may be complex at high frequencies. Skin

effect, proximity effect in the conductor layer and eddy current in the

substrate causes AC loss which degrades the Q factor of the coil.

In the case of large integrated coils in a CMOS technology with low

resistive substrate, capacitive coupling and eddy current are mainly re¬

sponsible for reduction of the Q fact01. In [47] three distinct modes have

been established for a metal-insulator-semiconductor (MIS) microstrip
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dependent on structural and material parameters.

In the case of a low conductive substrate (a — 0.05(0 • cm)'1),
measurement showed quasi-TEM (transverse electromagnetic waves).
As both the electric and the magnetic field penetrate into the substrate,
the material can be considered as a low-loss dielectric such as GaAs with

resistivity of 10 MO cm.

For a a — 10 (0 • cm)"1 (low doped Silicon wafer material), slow-

wave mode exists as the magnetic field penetrates into the substrate but

the electric field does not. Due to the spatial electric and magnetic field

separation a large relative increase in the line capacitance is observed

while the line inductance changes little.

When the substrate-conductivity is in the order of a = 3500(0 •

cm)^1, skin-effect mode occurs and the substrate behaves like an imper¬
fect ground plane. Both, the magnetic and electric fields, are virtually
shielded from the substrate and primarily concentrated in the insulating
layer.

In silicon technologies, usually two types of substrate are used. Low

doped silicon wafers provide the substrate for bipolar and BiCMOS tech¬

nologies, while heavily doped silicon wafer material covered with a thin

epitaxial layer is preferred for most modern CMOS processes. While in

GaAs technologies with high resistive substrate of several MO-cm, suit¬

able coils with reasonable high Q factor can be implemented, in silicon

processes with higher doped substrate in the order of 10 O-cni, the inte¬

grated coils deliver a Q factor only convenient for specific applications
[56]. The determination of the AC loss in the substrate can be per¬

formed with a 2.5 D field simulator [49] to establish equivalent lumped
elements of the it model circuit.

In the case of a CMOS technology with heavily doped wafer material,
such as the cost effective two metal layer 1 pm SACMOS technology,
the integration of coils with usable Q factor is more stringent. The 1 pm

SACMOS technology uses 0.02 O cm wafer material of several f00 pm
thickness which is covered with a 10//m thick epitaxial layer with a

resistance in the order of 10 O cm. A MIS microstrip on this wafer will

show a mode between slow-wave mode and skin-effect mode. Because

a large part of the magnetic field is forced into the space between the

metal layer and the highly conducting substrate, proper analysis of eddy
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metal 2

Figure 4.2: Layeis of the 1 pm SACMOS process.

current requires a very fine mesh grid at the interfaces between the

heavily and lightly doped substrates and between the metal and the

oxide which sepaiates the metal fiom the substiate.

In the case of heavily doped silicon wafei matciial, no icpoit of a

successful determination of the coil chai act eristics with help of a 2.5 D

field simulator is known to the authoi. To date, the piecise prediction of

AC loss can only be achieved by application of a full 3 D field analysis

[9]. To reduce the high amount of data due to the fine mesh that is

required, some simplification is required, such as the appioximation of

the sphal by circulai concentiic cncles [16].

4.2.1 Spiral inductors in CMOS

When a CMOS technology with heavily doped substrate has to be used,
designers will be forced to optimize the geometry of the coil to enable

the optimum Q foi a specific inductance. As the design iules of the 1-

pm SACMOS technology allow onlv lectangular geometiy for the metal

layers, investigations into rectangiilai spnal coils has been perfoimed.
Figure 4.2 shows foi the 1-pm SACMOS technology the geomctiical
configuration of substrate, metal and oxide layers, which determine the

property of the coils. The thickness of the layers shown in figure 4.2 is

not drawn to proportion.
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At 1 GHz, it is difficult to achieve a spiral coil with a useful Q factor

because DC resistance, capacitive coupling of the spiral to the resistive

substrate and eddy current in the substrate cause high loss. Using wider

metal tracks for the spiral reduces the DC resistance at the expense of

higher capacitance to the substrate, more loss in the substrate, and

larger silicon area which is required to maintain a specific inductance.

Optimizing the quality factor of a spiral coil involves finding the

best width of the metal track for a given technology to balance DC loss

and AC loss caused by the substrate. The self-aligned 1-pm CMOS

technology has a thickness of only 1 pm for the second metal layer with

a corresponding sheet resistance of 35 mO per square, which is worse

than the 1.7 pm, 20 mO per square metal layer in [56]. The substrate

is a 400 pm thick heavily doped silicon wafer with 0.02 O-cm covered

with 10 pm thin epitaxial layer of 10 O-cm resistivity.

To investigate the trade-off between the dc resistance and substrate

loss, coils of different sizes and layer widths have been implemented
and measured as indicated in table 4.2. Even though metal spacing
between the layer should be as small as possible to achieve a high parallel
resonance frequency, a 6 pm space has been chosen for all coils because

beyond this distance only stray capacitance to substrate occur while

interlayer capacitance is reduced to a negligible amount. As summarized

in table 4.2, the clc resistance Rpc accounts for a large part of the loss.

One exception is coil 1 where substrate loss dominates the Q factoi.

A quarter of the total loss is produced in the inuer part of the coil due to

eddy cmrent, as the magnetic field penetrates into the bioad conductors.

Due to different induced voltages between the inner and outer layer side

compensation currents will flow in broad conductors. One approach to

the reduction of these kind of currents is to perforin broad layers in

the form of two separate strips which are crossed several times within

the spiral, according to transpositions made in power transformers [31],
[38]. Using this method, both branches of a winding will be linked with

the same "numbei" of flux lines. Figure 4.3 shows the implementation
of a crossing for a two metal laver technology

A further problem with large coils is the large capacitance to the

substrate which leads to a reduced parallel resonance frequency. If op¬

eration is close to the parallel îesonance. the leal part of the impedance
will be drastically increased. This is indeed the case for coil f since
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a) b)

Figure 4.3: a) Top view of crossed strips, b) Cross section of the layers
at location designated in figure f.3 a).

the capacitance to substrate is nearly 6pF. If this coil is used in a

960 MHz oscillator, the negative imaginary impedance part of the tank

capacitance will hit the imaginary curve shown in figure 4.5 twice. This

enables two oscillator resonance frequency opportunities. In fact, two

resonance frequencies at 985 MHz and at 1.1 GHz have been observed

dependent on the supply current applied.

4.2.2 Circuit model for rectangular spiral coils

For rough calculations often a simple equivalent circuit model such as

the compact lumped-element tï circuit model is used to characterize

a spiral inductor [60]. Furthermore, a simple model for simulations

with SPICE is preferable. This is important because the simulation

of the oscillator behavior often requires simulation of a high number

of oscillator cycles which can be very time consuming for too complex
circuits. However, the tt circuit model is invalid when highly conductive

substrates are used [48].

A better approach is the use of the well-known L-transformer model

shown in figure 4.4 a) [20]. It is simple, and it takes into account the

influence of the high conducting heavily doped wafer material. The

main advantage of this model is that it represents the physical prop¬

erties of the coil. The model bases on the assumption that the spiral
is considered to be the primary winding and the substrate to be the

secondary winding. Rq represents the DC resistance of the spiral and

Ls the stray inductance due to the partial coupling of the spiral to the

substrate. The part of the inductance, designated with Lpj. is assumed

to be 100 % coupled to the semi conducting substrate of which the

resistive characteristic is represented by the resistance Rp.

To take into account the inferlayer capacitance of the metal strips
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LH MR

Figure 4.4: a) L-transformer model, b) Equivalent resistance and

inductance at feq.

and the capacitive coupling between the metal stiips and the lossy sub¬

strate, the capacitance Cp in series to Re being in parallel to Lh has

been added.

A numerical fitting of the lumped elements to the measurement

achieves close coincidence. Up to the frequencies fmav- the RMS er¬

ror Erms is often less than 2 % either for the imaginary or for the real

part of the impedance Zc as indicated in table 4.1. To enable compar¬

ison with measurement, the equivalent inductance and scries resistance

according to figure 4.4 b) has been determined for a specific frequency

as shown in table 4.2. Real and imaginary part of the impedance Zc

of some measured coils and associated simulations of the transformer

model with fitted components are shown in figure 4.5, figure 4.6 and fig-
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Figure 4.5: Comparison of the simulated transformer model with mea¬

surement after fitting of the model components: a) coil 1. b) cod 2.
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Coil VN Ls Rs CP Re Lh Rp fmax
E
-'-'rms

V nH Ü pF Ü nH 0 GHz /Orm s

1 0 0.843 2.94 5.962 0 2.719 35.06 1.4 0.3

1 3 0.768 3.076 4.974 0 2.701 39.24 1.4 2.3

2 0 0 4.12 0.354 23.09 4.574 L15.8 3 5.4

2 3 0 4.12 0.336 17.6 4.542 120 3 4.9

3 0 0.67 3.88 3.10 15.02 4.56 L23.6 1.8 L.O

4 0 1.195 15.4 1.82 8.63 12.2 199.7 1.6 1.1

5 0 1.539 8.59 5.38 0.61 11.83 105.1 1.2 2

6 0 1.659 6.05 8.75 4.187 11.73 102.5 1.0 3

7 0 1.517 7.98 4.28 0 11.93 99.88 f.O 1.71

8 0 0 4.823 0.643 57.87 3.084 130.4 3.0 l.L

9 0 0.6278 6.11 0.483 0 3.157 155.7 3.0 -

10 0 0.09 4.81 0.711 0.108 3.085 127.8 3.0 -

11 0 0 6.158 0.472 0 3.17 157.8 3.0 -

12 0 0 5.25 0.735 0 3.22 130.5 3.0 -

13 0 0 10.6 0.322 0 3.347 202.3 3.0 1.6

Table 4.1: Rarameter values of the L-transformer model for the inte¬

grated coils.

ure 4.7 while the lossy capacitance of the pad structure has been taken

into account.

The higher tolerances of the RMS error for the fitting in the case

of the coil 2 may be caused by observed additional resonances (fig¬
ure 4.7 a)). The coil 2, which is located on a separate wafer, as well as

the remaining coils were measured using the same setup at unaltered cal¬

ibration. Despite the repetition of this measurement at different times

after careful calibration at a time, always the same result was achieved.

Although stray capacitances between metal layers and substrate

compensates for a part of the inductance, an increase of the equivalent
series inductance is observed for coils with large Cp and large equivalent
series resistance when not measured well below the parallel resonance

frequency. While for coil 1 the influence of Cp has been nearly compen¬

sated due to the high resistance, coil 3, 5, 6 and 7 show a even higher

equivalent inductance compared to that of the metal spirals only.
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a

1 1.5 2

f [GHz]

b)

Figure 4.6: Comparison of the simulated transformer model with mea¬

surement after fitting of the model components: a) coil 4- b) coil 8

(capacitance of 8.7 pF in parallel).

a b)

Figure 4.7: Comparison of the simulated transformer model with mea¬

surement after fitting of the model components: a) coil 3. b) coil 3 with

etched substrate underneath (see Jp2.3).
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. .
(Geometry . . . .

Measurement
. . . Predictdon

Coil NL La WL r^eq ti-eq Qeq Jeq fp L-i( ale Rpc

p m g m nH n GHz GHz nH n

I5) 14 700 90n 3.75 22.9 0.99 960.2 1.3 3.9 1.8

l6) 14 700 901} 3.93 19.0 1.21 960.2 1.4 3.9 1.8

25) 15 400 34x) 4.56 11.37 2.42 960.2 3 4.1 3.7

26) 15 400 34x) 4.54 11 2.49 960.2 3 4.1 3.7

35) 15 400 303) 6.62 28.59 t.f 960.2 1.4 4.8 4.5

45) 28 420 181} 15.6 26.17 1.80 0.480 1.09 13.5 13.6

55) 20 700 432) 17.98 32.29 1.17 0.420 0.640 13.7 7.2

65) 20 700 43i] 17.78 L7.77 1.89 0.300 0.510 13.7 7.2

75) 20 700 43x) 16.46 27.5 1.58 0.420 0.720 13.7 7.2

85) 12 340 05O 3.25 8.04 2.44 960.2 > 3 3.3 4.0

95) 12 300 181} 3.29 8.881 2.23 960.2 > 3 3.4 5.3

105) 12 340 25l) 3.29 8.132 2.13 960.2 >3 3.3 4.0

ll5) 12 300 1811 3.30 8.911 2.23 960.2 > 3 3.4 5.3

125> 16 300 23x) 3.43 8.83 2.35 960.2 > 3 3.3 04

135) 24 190 9.5^ 3.45 12.95 1.6 f 960.2 >3 3.3 8.7

Table 4.2: Equivalent impedance at 960 MHz. ^ only metal 2.

2> crossed layers metal 2. A metal 1 and metal 2, 4' crossed layers
metal 1 and metal 2. ^ Vx=0 V. 6> Vx=3 V.

4.2.3 Q factor improvement

As the Q factor of a spiral coil at 1 GHz is limited to a value of not

more than 2.5 in the 1pm SACMOS technology, a method has been

investigated to improve the Q factor. An effective way to eliminate the

substrate loss is to remove the substrate under the coil. One approach
to achieving a cavity in the silicon below the coil is the use of a wet

anisotropic etchant applied fiom the circuit side [10]. A possible etch

liquid can be the mixture of cthylencdiamine. pyrocatechol and water

(EDP). However, applying EDP etchant from the top has the disadvan¬

tage that the etched cavity shows an opening that becomes narrower

at the bottom, as shown in figure 4.8 a). A main disadvantage of EDP

is that the etch rate of silicon is low and only in the order of 0.2 pm

per minute. Furthermore, etliylcnediamine as well as pyrocatechol are

strongly toxic and expensive to dispose of. Anotliei technique is the

use of a gas-phase isotropic etchant which is applied through small cir¬

cular openings that surround the spiral [67]. But this etchant is very



86 Chapter 4. Monolithic LC Oscillator in CMOS

a) b)

Figure 4.8: a) Fit etched from the top. b) Pit etched from the bottom.

expensive and difficult to handle due to its gas-phase condition.

Etching from the back

A mature technique to apply at wafer level at low cost is to etch the

substrate away from the back with a orientation-dependent etch (ODE)
composite of potassium hydroxide and water (KOH) [8], [61]. With this

method, again a trapezoidal pit results but with the narrowest part on

the wafer surface as indicated in figure 4.8 b).

The etch rate of silicon is more than 2 ^m per minute while that

of silicon-oxide is less than 2.8 nm pei minute. Thus, the oxide acts as

a barrier which stops the etch process as soon as the etchant reaches

the thermal oxide at the wTafer surface. A thin oxide membrane remains

that suspends the metal spirals of the coil as shown in figure 4.8 b).

Although, the remaining oxide membrane will buckle due to stress in

the oxide, mechanical support for the coil is considered to be better

than in the case of front etch because the membrane remains intact

after the etching. But in the case that one of the usually hundreds

to thousands of membranes on a wafer broke due to irregularities in

the oxide, the etchant would reach the wafer surface and immediately
remove the aluminum pads.

One way to prevent this problem is to protect the wafer surface

with an oxide or nitiide layer [46] or with a protective coating layer

[26]. Using this method, etching from the back is easy to apply and can

be performed without any lisk to existing CMOS circuits on a wafer.

Another approach is to split the etching in a fast KOH pre-ctch which

can be stopped when the remaining silicon is in the order of 10 to 20

pm thick and then finished with a final etch, for example with the EDP
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Name NL La WL -Lieq Req C£cq Jeq fp J-'calc

pi m p m nH Q GHz MHz nH

Coil 1 14 700 901) 3.78 5.23 4.36 960 > 3.0 3.9

Coil 3 15 400 302) 5.46 5.499 6.0 960 >3.0 4.8

Coil 5 20 700 433) 13.79 10.78 7.72 960 >3.0 13.7

Coil 6 20 700 43" 15.30 11.65 7.93 960 > 3.0 13.7

Coil 7 20 700 43L) 14.94 14.73 6.12 960 > 3.0 13.7

Table 4.3: Equivalent impedance of the coils after post processing.

^ only metal 2, 2) metal I and metal 2, ^ crossed layers metal 2.

4' crossed layers metal 1 and metal 2.

etchant. The latter method is the better approach for small chip samples
with a size in the order of 1 cm x 1 cm.

The wafer back which should not be attacked by the etchant is pro¬

tected by a mask made of a thin nitride layer with a thickness in the

order of a few hundred nano meter. First, by use of a sputter process

at 300 °C for a few minutes, the entire wafer back is covered with the

nitride. In photo lithography, the nitride which should shield the sil¬

icon from the etchant is protected by photosensitive resist. The open

nitride is then stripped awray by plasma etching, leaving the final nitride

mask. Due to the thermal stress of the sputter process, no variation of

the threshold voltage Vp has been observed. A low cost mask for the

lithography is sufficient as a tolerance in the order of a few /mi is not a

problem. The back etching was applied to the coils 1, 3, 5-7 shown in

table 4.2. Measurement of these coils after the post processing shown

in table 4.3 showed an improved Q factor which has increased by more

than four times for coil 1. The measurement pioves that coils with rea¬

sonably high Q up to 8 can be integrated into a CMOS technology with

heavily doped wafer substrate using etching from the back.

As shown in table 4.3, the crossed layeis in coil 5 lead to a 37 %

reduction of Req when compared to coil 7. On the other hand, the

use of both metal layers in coil 6 leads to a slightly higher Q factor at

increased Req and Leq when compared to coil 5. From this experiment
the conclusion can be drawn, that the best peiformance of the coil,
with respect to Q factor and accuracy between predicted and measured

inductance, will be achieved using broad layeis in metal 2 with crossed

layers for the spiral and removing the substrate below. A further
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Name Ls Rs Cp Re Lp Rp Jmax toi.

nH n pF Ü nH n GHz /Orm s

Coil t 0.514 3.0 0.379 0.148 3.154 193 3.0 1.40

Coil 3 2.486 3.8 0.413 0 2.87 216.7 3.0 0.52

Coil 5 15.76 8.69 0.037 0 13.6 3277 3.0 1.66

Coil 6 0.0 5.94 0.214 52.17 13.72 1795 3.0 0.89

Coil 7 0.0 7.79 0.022 46.22 13.4 1348 3.0 0.82

Table 4.4: Parameter values of the L-transformer model for the inte¬

grated coils after postprocessing.

advantage of etched substrate below the coil is that substrate noise

coupling into the spiral inductors [65] is reduced efficiently.

4.3 A monolithic CMOS LC oscillator

In order to verify the use of integrated inductances for oscillator purpose
in the 1 pm SACMOS technology, a test oscillator has been integrated.
As the source coupled oscillator shown in figure 4.9 a) operates at low

power and because the 50 O load of the spectrum analyzer is simple to

drive, this type of oscillator has been considered best for this task.

The transistors Mi and M2 provide a negative resistance that com¬

pensates the equivalent loss resistance of the tank between the A node

and ground. The transistor 4Ji, in combination with Rq, provides the

4-S V2

RSv1

Ro OUT

x ,1 IK Mi]h'
cik '2 t '1

s

OUT

a) b)

Figure 4.9: a) Basic source coupled oscillator, b) Baste Colpitis os¬

cillator.
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output signal at 50 0 while a current source supplies both transistors

Mi and M2 with the bias current Iß.

Compared to the Colpitts oscillator in figure 4.9 b), the source cou¬

pled oscillator circuit requires no additional capacitances as Ci and C2

can only be realized by the gate source capacitances of the transistors

Mi and M2. Using this approach, the total tank capacitance can be

kept low, which is important to achieve oscillation at low power con¬

sumption, while high transconductance can be provided by the use of

wide transistors.

To overcome limited Q factors of the gate capacitance due to the

sheet resistance of the poly silicon gate strip of several ten Ohms, a

high number of short gate strips can be connected in parallel, which

leads to a low equivalent series resistance in the order of Qs. Although
the source coupled oscillator requires half the bias current for startup

compared to the Colpitts oscillator, it consumes as much current in

normal operation as a similar Colpitts oscillator.

4.3.1 Oscillator analysis

Starting from the oscillator circuit in figure 4.9 a), the appropriate small

signal model shown in figure 4.10 a) can be used for the determination

of the start-up condition (Barkhausen criterion).

The Miller capacitance C\j is formed by the gate-drain capacitance

Cdg °f Mi, half of the output resistance Rq and the gain gm\_ of Mi

according to eq. 4.2 and figure 4.10 b).

Cm^CDgi(1+9^^) (4.2)

Using the assumptions shown in figure 4.10 a) and b) the simplified
schematic in figure 4.10 c) is achieved with CA/ in parallel to the coil

between the A node and ground. For a 25 O output lesistancc (Rq in

parallel to the 50 O input load of the measurement equipment) and a

1000 pm wdde transistor, which has a transconductance of 21.2 mA/V
at a 2.5 mA bias current and a Cp,Gi of 0.45 pF, Cm will be 0.51 pF.

In general the reduction of Cm is important because a higher capac¬

itance in parallel to the resonator between the A node and ground leads
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a) b) c)

Figure 4.40: a) Source coupled oscillator small signal model, b) Iso¬

lated Miller capacitance, c) Simplified small signal model.

to an increased equivalent resistance in series to the coil. The reduction

of this Miller capacitance can be achieved by limitation of the voltage
variation at the drain node of Mi, for example, using a cascodcd struc¬

ture in the output path at the cost of a power supply voltage increase in

the range of a few hundred mV. However, Miller effect is of minor im¬

portance as long as the output resistance is low enough that no cascode

circuit is required.

An important design aspect is the optimum width of the transistors

Mi and Mo with respect to oscillation at minimum power consumption.
The ratio between the gate source voltage of Mi and Mi depends recip¬

rocal on the ratio of Ci and C-2- Both of these capacitances are mainly
determined by the gate-source capacitance which is proportional to the

width of transistor. On the other hand, the transconductance gm of

a CMOS transistor that is \//JlfN7/3ß depends on the root of the bias

current Iavg and on the root of the transistor width for a constant

gate length. Taking into account these two facts, the optimum width

to fulfill the Barkhausen criterion, with respect, to minimum power con¬

sumption, would be achieved for the transistor zero width. Thus, the

linear model in figure 4.10 does not give a satisfactory answer to this

question.

Unfortunately, the derivation of the transistor optimum width is not

feasible analytically. To answer this question, first, analysis of start-up

and of the oscillator amplitude will be performed under the assump-
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tion that both transistors are of equal size. Thereafter, on the basis

of the optimum width, the width for both transistors Mi and Mt be¬

ing assumed equal, calculations will show that variation of the width

of M2 has minor important influence on the oscillator output voltage

amplitude.

For equal sized transistors Mi and Mo and neglecting the junction

capacitances of the source areas of Mi and M2 as well as the capaci¬

tances due to the bias network. VA will equal V2 due to the balanced

gate-source capacitances, transconductanccs and average drain currents.

Now the analysis simplifies substantially as no AC current will flow be¬

tween the S node and the source nodes of Mi and M2 as indicated in

figure 4.11 a). Thus, the model in figure 4.11 b) can be used, instead of

the one in figure 4.10 a).

In the case of transistors with high gate source resistance Rgs, m fhe

oscillator analysis an additional resistance Rp can be inserted in series

to Cp as shown in the model in figure HI b). Rp can be calculated

starting from the model in figure 4.11 a). After replacing the series

circuits of Ci and C2 by Cs- the two gate source resistances, by Rqs an(l

the two capacitances Cpcn and Cm by Cdg-, the equivalent resistance

Rp can be determined using the approximation eq. 4.3 which is valid in

the vicinity of the oscillator frequency at an error of only a few percent.

The advantage of this approximation is that a simple equation for gmc

can be derived that is useful for further analysis.

C2q
Rr ~ jpz——;tt^TT^ (4-3)

(rpG + Cs)~Ras

At oscillation frequency, simple analysis of start-up will be achieved

when the admittance FA of the circuit marked with the clashed box

in figure 4.11 b) is converted into the equivalent circuit shown in fig¬
ure 4.11 c) with equivalent resistances Rseq and Rgeq in parallel.

4.3.2 Barkhausen criterion

For start-up the sum of the admittances Y± and gm/2 should equal to

zero according to the Barkhausen criterion. From that requirement, the



92 Chapter 4. Monolithic LC Oscillator in CMOS

im

©
V

V

b)

o
UJ

CC

A

CO

d

o
LU

o

ŒD
o

®
V

c)

Figure 4.44: a) Simplified model of symmetric oscillator, b) Equiva¬
lent admittance model at resonance, c) Equivalent impedance model.

admittance of the active circuit Ya can be determined using eq. 4.4.

Rs
YA QspSEQ GGEQ ,2r2

LOc(ypRp (4.4)

Replacing Ls by l/(ccACV) leads to eq. 4.5 and the minimum re¬

quired transconductance Gmc for start-up can be worked out from the

Barkhausen criterion which requires that Y\ equals to gm/2.

gmc
IA ~ ^Z^t^R-s A Rt) — (4.5)

Oscillation occurs at the frequency u>c ~ \/(\/CpLs) and builds up

when the transconductance gm is beyond 2to2Cp(Rs + Rt)-

However, the minimum required transconductance for start-up is not

a measure for the efficiency of the oscillator because usually the required
oscillator amplitude will only be achieved when supply current is several

times higher than necessary for stait-up. as will be shown in 4.3.3. For

a specific supply current, the AC voltage across Ct or C2 achieves the

same amplitude for the Colpitts as for the source coupled oscillator in

the case of neglectable Rp. Otherwise, the source coupled oscillator

requires a higher supply current by the factor (Rs + Rp)/(Rs A Rt/2)
compared to the Colpitts oscillator.

4.3.3 Oscillator Amplitude

According to [32], the transistor drain crurent Ip> indicated in eq. 4.6

can be assumed to depend on the square of the gate source voltage as
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Figure 4.42: a) Source coupled oscillator schematic, b) shape of cur¬

rent pulses.

long as the transistors operate in saturation.

ß >

Id =

-^(Vgs
— VpY 4.6)

As long as the capacitances CA and CA have the same value and Mi and

M2 are of equal width, both voltages \\ and V2 are equal.

If a sinusoidal gate source voltage is biased so that it swings beyond

Vp the currents A and R indicated in figure 4.12 a) will show short

current pulses as indicated in figure 4.12 b). Assuming a high Q for

the tank, independent of the waveform of the transistor current only
the fundamental component of the current contributes to the build-up
of an almost pure sinusoidal voltage Vi and IA, while higher harmonics

are attenuated due to the resonator. Even when the Q is only 5, a

second harmonic will be reduced by 85 %. Thus, the assumption that

the voltage Vi as well as VA arc sinusoidal with the amplitudes Vm is

reasonable. Then, the currents A and JA are determined by eq. 4.7 as

long as Vqs exceeds Vp. They are zero otherwise.
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h = ^(VL-VT)2 = ^{Vmcosuct + VB-VT)2

h = ~^V2^Vp)2 = ^(^-Vmcosujct + VB~-Vp)2 (4.7;

The sum of A and Io at node B contains no fundamental but a strong
second and further harmonics as well as a DC component that equals Ip

being two times the average current Iavg- This average current Iavg
is equally delivered by both Mi and lb. So only at node A, the current

7a,c, which is a fundamental component, is injected. While Iavg can

be determined using eq. 4.8, the amplitude of the fundamental current

lu)c is given by eq. 4.9 according to [32] where the substitution in eq.

4.10 has been used.

ß\
r2

Iavg - V^U + 2x2)cos L(x) - 3x^1 - x2\ (4.8)
l7T

kj V
7^-j

Lc - ^[(2 A .r2)v/l - x2 - 3,rco^1(,r)] (4.9)
0/1

x - ^V=^ (4-10)
V
m

Similar to [32] the amplitude of the fundamental Vm across Ci or C2
can be determined from the voltage VA •

This voltage is the product of

the current ILOc flowing into A and the impedance Z \ between the node

A and ground. At resonance, Za is approximately four times as high
as the impedance between node S and ground. It is given in eq. 4.11

where Rs << locLs- Cm << Ci = CA and cvc — 1/s/LsQr has been

assumed.

7 , =

X
=

^Lz ~ J
~
_

4
(a\i\

'

Ya 2
~

LolCf(Rs + RT)
~

^C2(RS + Rr)
{ ' j

Thus, for the current I^c injected into A. the voltage between A and

ground is four times higher than the voltage across S and ground with

the same current injected into S. This means that Vm is twice as high
in the case of the source coupled oscillator compared to the Colpitts
oscillator, assuming a specific average current for Iaï'G-
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On the other hand, the source coupled oscillator consumes twice the

average current Iavg compared to the Colpitts oscillator. Taking into

account these facts, it can be concluded that both types of oscillator

show the same efficiency with respect to current consumption for a spe¬

cific amplitude of Vm. Similar to [32] where eq. 4.9 has been simplified
to eq. 4.13, Vm which is I^JZa/2 can be determined by eq. 4.12.

K,-%^(5
+
.r)^7^^^^^(5

+ .)
3

v '2tü2C2(Rs + RT) 3
v '

Jco2cC2(Rs + RT)

(4.12)

^c-^(5 + x) (4.13)

4.3.4 Optimum transistor width

In the case of a specific supply current, the amplitude at the output of

the source coupled oscillator will not increase if the transistor width W

exceeds a specific value while the gate source voltages of M[ and M2 will

even decrease. For a small W, the total tank capacitance Cp is nearly
constant and an increase of W improves the efficiency of the oscillator.

But, in the case of wide transistors. Cp begins to be dominated by
the gate-source, drain-gate and junction capacitances of the drain and

source areas. Thus for wide transistors, Cp begins to be proportional
to HA

Under the assumption that the total resistance Rp depends recip¬
rocal on W, the oscillator amplitude will decrease when widening W
because the admittance Ya of the tank-circuit in eq. 4.5 will increase

linearly with HA In the case of coils with the substrate etched away

underneath, this assumption is reasonable foi two reasons. Firstly, the

equivalent series resistance Rs of the coil is mainly dominated by the

DC resistance that shows a dependence on the inductance somewhere

between linear and square root. Secondly, to achieve a specific oscilla¬

tion frequency, the tank inductance has to be reciprocal proportional to

Cp. From these two reasons it follows that Rs will be approximately
reciprocal proportional to (Ar. Furthermore, the gate source resistance

Rqs depends reciprocal on IF.
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Figure 4.43: Amplitudes of the gate source vokages Vmi and Vm2
and the output voRage Vq of the source coupled oscillator as a function

of the transistor width W for a supply current Ip of 5 mA.

In 4.3.3 calculations have been performed under the assumptions
that the AC voltage across Ci and C3 equal and that Mi and M2

are of equal width. However, in an integiatcd design, the junction

capacitances of the source areas of Mi and M2 as well as the junction

capacitance of the drain area and the drain gate capacitance of the

bias transistor add in parallel to C3- For 1000 pm wide transistors, C2

exceeds Ci by a factor of 2. The calculations shown in figure 4.13 have

been performed for equal W of the transis!01 s Mi, MI2 and the bias

transistor M3. While the amplitudes Vmi and V1V2 of the gate source

voltages decrease for increasing IF. as mentioned above, the amplitude
of the output voltage across Rq/2. which is in the order of 128 mV,

stays nearly constant because Jwcl is independent of ß and varies only

slightly with x according to eq. B.24 and eq. B.25.

Further calculation with fixed IF of 1000 pm for Mi and M3 shows

that the output voltage would increase by only ~. 0; for a transistor

width of 500 pm instead of 1000 pm for M2- but Vmi would decrease,

the transconductance would be reduced by factor \/2 and the gate source

resistance doubled in the case of a 500 pm wide transistor for Mi. As

this would stay in contrast to low oscillator noise, equal transistor widths
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of 1000 pm is considered as advantageous with regard to the over-all

performance of the oscillator.

In the case of coils on substrate, the parallel resistance of the coil

cannot be determined simply due to the loss caused by the substrate.

Thus, it is not possible to take into account this kind of loss in the pre¬

vious calculation. Further investigations into this field will be necessary

to enable the designer a straight forward optimization of the transistor

width. On the other hand, from measurement of the integrated coils in

table 4.2 some conclusions can be drawn. For small transistor width,

a large inductance is required to compensate for the small total tank

capacitance.

While integrated coils showr a high DC resistance in the case of small

size due to the thin metal layer of the technology used, coils of large size

show low parallel resonance frequency due to the capacitance between

the layers and the substrate. However, to be useful for an oscillator,

operation frequency should be well below the parallel resonance of the

coil because, otherwise, the imaginary part of the impedance may fall

back beyond a specific frequency which could enable the Barkhausen

criterion to be fulfilled at two different frequencies. Thus, the size of

the coil is limited.

The coil 4 in table 4.2 shows parallel resonance at 1 GHz while the

DC loss equals to the AC loss at 480 MHz. From this data it can be

deduced that integrated coils in the 1 pm SACMOS technology should

not exceed 10 nH to achieve a reasonably high Q factor at 1 GHz and

the parallel resonance well beyond 1 GHz.

According to table 4.2 an inductance in the order of 5 nH achieves the

best quality factor of 2.5 if integrated in the 1 pm SACMOS technology.
Using coil 2 which shows an equivalent 4.54 nH inductance and assuming
a 1 pF tuning capacitance in parallel to the coil a transistor width of

1500 pm will provide resonance at 1.0 GHz.

As for a transistor width in the order of 1000 pm, the oscillator

amplitude is not very sensitive on variations of IF; only a small reduc¬

tion of the oscillator amplitude of a few percent occurs compared to the

optimum when the optimum inductance has been missed by 1 or 2 nH.
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4.3.5 Oscillator noise

An important aspect is determination of the noise sources of the source

coupled oscillator. Usually dominant for MOS transistors are channel

thermal noise given in eq. 2.83 and 1/f noise defined by eq. 2.87 accord¬

ing to [11]. Input gate current noise via the gate-channel capacitance

(CqxWIi) due to random motion of free carriers in the inverse channel

is given in eq. 2.86. This noise is negligible for a 1 GHz operation

frequency.

In the proposed source coupled oscillator, no large capacitances mask

the gate source capacitance of the transistors. Thus, the resonance

frequency of the tank-circuit would be modulated by variations of the

gate source capacitance which would cause phase noise [72]. The use of

wide transistors (1000 pm) increases the probability of trapped electrons

on deep centers as they are located in the oxide surface at the interface

to the channel (interface trapped charge). Although fluctuations in the

gate depletion region caused by electron trapping on deep centers would

be related to gate capacitance fluctuations for low operation frequencies

[21], this is not a problem at low GHz frequency as the trapped electrons

are not able to interact at such high frequencies.

More stringent is the voltage dependence of the junction capaci¬
tances of drain and source areas. Its modulation with low frequency
noise lead to capacitance variations that result in frequency modulation

according to 2.5.2.

Shot noise, produced in the junction diodes, is not a problem as the

junctions of drain and source areas are reverse biased and only leakage
current flows through them. Therefore, the dominant noise sources are

channel thermal noise and f/f noise and fluctuating bias voltages of the

junction capacitances.

4.4 Oscillator Implementation

The source coupled oscillator has been implemented as shown in figure
4.14. Both the gate of Mi and one node of the coil are connected to

ground. As the other node of the coil is connected to the gate of Mi,
the gate voltage of both transistors Mi and M2 are at ground potential.
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Figure 4.14: Schematic of the implemented source coupled LC oscil¬

lator.

Using this configuration, no additional bias circuits are required to pro¬

vide the gate voltages. As long as eq. 4.11 holds. Mi and M2 operate

in the saturation region.

Vds A Vgs -- Vr 4.14)

This means that the voltage at the drain node of M2 (node A in figure

4.14) should not swing by more than Vp below the gate voltage. Since

Vp is about 0.6 V for the technology used, the oscillation amplitude
of the AC voltage at the node A may not exceed 0.6 V. On the other

hand, the drain voltage of Mi equals to the gate voltage of Mi, but is

in opposite phase to the output voltage at the drain node of Mi (node
OUT in figure 4. L4). This means that the negative peak voltage at the

node OUT should not swing below the positive peak voltage at the node

A less Vp. The negative peak voltage at the node OUT depends on the

supply voltage Vpp, the AC load lesistance and the maximum current

h = ßi/2(Vmi + VB - Vp)2 according to eq. 1.7.

Further conditions such as that the drain voltage may not exceed

the maximum voltage of the p+n junctions of chain and source areas

or that the gate source voltages do not exceed the allowed maximum

ratings are not a problem, due to the low supply voltages and the low

oscillation amplitude used.

As long as the oscillator voltage at node A and the output voltage
are low enough to keep both transistors Mi and AI2 in saturation, the

oscillator in figure 4.14 mav be operated at a single power supply voltage
where the Vp>D node is connected to ground.
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If no postprocessing is applied to the coils, the best Q factor for a

coil at 1 GHz can be achieved for an inductance between 4 and 5 nH.

Thus from 4.3.4, the width of the transistors is between 1000 pm and

1500 pm to achieve oscillation at 1 GHz when taking into account 1.3 pF
for the tuning capacitance and 0.5 pF stray capacitances between node

A and ground due to the metal layers used for the layout.

An inductance to ground can be realized with grounding at the cen¬

ter or at the periphery. Only a small difference has been observed for

the two cases. As an example, if the inner node of coil 2 (see table 4.2)
is connected to ground a slightly better Q factor by 5 % and a higher
inductance by 1.3 % is observed compared to the outer node connected

to ground. If the inner end of the spiral is connected to ground by a

metal 1 layer the low voltage drop across the capacitance of this metal

layer and the substrate will cause only a low reduction of the resonator

frequency. On the other hand, if the outer spiral is connected to ground,
the capacitance between the outer metal layers and ground will be of

less significance for the outer spirals due to the low voltage drop there.

For the oscillator implementation the outer node connected to ground
has been considered advantageous as a more compact layout has been

achieved.

In addition, a slightly improved Q factor would be achieved with an

N-well layer below the coil, biased to a positive voltage of a few volts.

However, the Q factor of coil 2 improves only by 3 % for a 3 V bias

voltage.

4.4.1 Oscillator tuning

The frequency tuning is provided by a p
;

n junction capacitance as

shown in figure 4.15. If is connected in seiies to 7 parallel poly-silicon
to metal capacitances of 0.5 pF each, for DC and low frequency noise

decoupling purposes. This series circuit is connected in parallel to the

coil as shown in figure 4.15 a). The junction capacitance is a p+ layer
in a N-well region, whereas the p4 layei is connected to the coil at

DC ground level, and the N-well via metal 1 to the metal layer of the

decoupling capacitances as shown in figure 4.15 b). Stray capacitances
between the bottom metal 1 layer of the decoupling capacitances and

substrate, as well as the junction capacitance between the N-well and
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a b)

Figure 4.15: a) Schematic of the tuning varactor. b) Implementation

of the tuning varactor.

substrate, add to the decoupling capacitances because their top planes
are connected to the ground. Negative bias voltage can be applied
externally to the N-well via a high resistance.

The varactor capacitance and resistance, as a function of the bias

voltage VV, can be modeled using the noimalized and approximated
functions in eq. 4.15 and eq. 4.16. The curves of these functions are

shown in figure 4.16 b).

Cv/CyCVy = 0) = l/v^i b * W 4. L5)

Rv/Rv(Vv = 0) - l/s/c + dtVv 4.16)

Based on eq. (18) in [76], the normalized functions eq. 4.17 and eq.

4.18 have been fitted to the characteristic of a test n+p junction capac¬

itance, which has been integrated into the f pm SACMOS technology
and measured at 900 MHz.

Cy(Vv^0)/Cv = a^b^Y 4.17)

Rl{Vv = 0)/R2- ^c+d*Vv (4.18)

An excellent coincidence between the fitted curve (solid lines) and the

measurement (dashed lines) has been achieved as shown in figure 4.16 a).
For a capacitance of 5 pF. with a series resistance of 9.7 O at zero bias

voltage, the capacitance is reduced to 2.1 pF and the seiies resistance

to 6.8 Û for a bias voltage of 2.5 V.

Due to the high resistance in the case of a low varactor voltage [83],
a trade-off between capacitance ratio and îesistance has to be found. To
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a) b)

Figure 4.46: a) Fitting by C = l/v/rT+6TTV. R = 1/s/cTJVVv
to the measured values, b) Approximation C - l/Vo + b * V, R =

i/v/cAFZ*VV.

reduce the resistance of the varactor, many small diodes connected in

parallel with low ohmic connections to the low doped substrate should

be examined further. The use of a switched capacitor bank [34] in

addition to a small varactor could be an approach to achieve a large
tuning range.

4.4.2 Noise calculations

Noise analysis on the source coupled oscillator can be applied with the

method in [33] if some simplifications, discussed below, are performed.
The omissions are necessary because noise apparent on the transistor

Mi interacts with the transistor AA and vice versa which is difficult to

calculate.

The current Is1 (t) of Mi and Iq2 (t) of M2 is the sum of the carrier

component and the noise components IUl. Ill2 at (wc A Aw) and Ip and

Ii2 at (wc — Aw). The noise components VUl and VU2 of the gate source

voltage of Mi and M2 at (wr + Aw) result from the transadmittances

9mcx 9mc-2 ancl Ya and the injected noise components IUi and IU2 as
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shown in eq. 4.19 and eq. 4.20 according to eq. B.13 and eq. B.14.

yvi^hp^ll L^
+
3llI^.

(4.19)

vui = ^ ?337,- -

2üi.
+
b*ZLh±

(4,0)

So far the noise voltages caused by injected noise I„i at the S node

and IU2 at the S node and the A node can be determined. Because the

correlation fact01 kn between the noise IUl and IU2 is not known it is

suggestive to consider the amount of noise due to the three terms in eq.

4.19 and eq. 4.20, lespectively. If C2 = 2i<CA omissions of the second

and third terms leads to a maximum erroi of both VUl and VU2 of less

than 2.6 dB while it is less than t dB in the case of omission of only
the third term. At unity ratio between C2 and Ci the error is 3 dB in

both cases. In order to enable simple noise calculations the second and

third teim in eq. 4.19 and eq. 4.20 have been omitted. Therefoic, only
noise current of M2. injected into the A node, is consideied.

The same method used for the Colpitts oscillator in [33] can be

applied, but with the difference that the transimpedances VVl/In and

VU2/In are calculated while In is injected at the A node instead of the

S node so that the Kirchhoff "s cuiient law is applied at the node A.

Then the transconductance in eq. 4.21 is achieved foi VUl /Iff and that

in eq. 4.22 foi VU2/I~
??

VA 1
«1

At 4AwC

'

«2 -*

X 77
Aby^ACC' C 3

(4.21)

(4.22)

The equivalent noise current density I2
_

in eq. 4.23 that is referred

to the A node can be calculated according to 3.3. L.

„
.
SkT

n acos(x) 4A'T CA2 SkT
Itms = 2 I —9m0]l-^- A — A^^ TgmB

(4.23)
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The bold factor 2 in front of the parenthesis is necessary in order to

take into account both thermal noise components /+ at wc 4- Aw arrd

I~ at wc — Aw. Within the parenthesis the first term is due to noise

of M2 and the second term is due to the equivalent resistance of the

passive tank-circuit, whereas the third term is the noise due to the bias

transistor M3 referred to the A node. The oscillator noise spectrum

V2L can be determined at the offset frequency A/ from the carrier by

multiplication of 2*I2 and the squared transimpedance in eq. 4.21.

In order to calculate the noise to carrier ratio, the voltage Vmi must

be known. The fundamental component I^t, that Mi injects into the

resistor Rq depends almost only on the average current Iavg{ -
Because

the capacitance Ci differs from C3 the amplitude Vmi across Ci differs

from the one Vn,2 across C3- This is, in fact, the case for the source

coupled oscillator.

Under the assumption that both transistors Mi and M2 consume

the same average current, which is supported by the fact that measured

difference between Ia\'Gx and Ia\'G2 *s less than 8 %, the amplitudes
of Vmi and Vm,2 can be calculated by cq. 4.21 and eq. 4.25 where

YA — LOcCpReq-

tt \o t i) (. 2 r
//to(\

A»x = — 'AVGiTTT-r^^Tr vAAL)
6 \t 1 -r V 2) 1A

Vm =

i^±llj,rr __JiL___L (4 25)
3

Al °2
(C\ + C2) YA

[ }

It is worth mentioning that xi may be very different from X2 dependent
on the voltages Vmi and I

m2.
The values for .iq and X2 can be found

numerically if eq. B.15 and eq. B.16 are introduced into eq. B.13 and

eq. B.14. To give an example, a noise to carrier ratio of —95.4 dBc/Hz
at a 100 kHz offset from the carrier results for the values shown in

table 4.5.

Req
0

i?3

n

35

CA

pF

1.95

C2

pF
3.67

r4

mS

Ib

mA

Xi X2 V 777 J

mV

7712

mV

Ro

Ü

Vo

mVp
60 5.3 5.2 0 -0.4 530 290 25 108

Table 4.5: Parameters used for the noise calculation.
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4.4.3 Experimental results

According to [6], a source coupled oscillator has been implemented in

the lpm SACMOS technology using the post processed 3.8 nH coil 1,
shown in table 4.3. At 1 pm minimum gate length, the transistor width

is 1500/mi for Mi and Mj and 1000 pm for the bias transistor M3. The

oscillator operates at 984.5 MHz and provides a peak output voltage
of 423 mV (-8.2 dBm) measured by the spectrum analyzer at a 50 Q

load. The corresponding power consumption is 16.5 mW at a 1.5 V

power supply voltage. Phase noise is —95 dBc/Hz at 100 kHz offset

frequency from the carrier.

In addition, four similar oscillators have been integrated with dif¬

ferent coils and appropriate width Hi and HA of the source coupled
transistors whereas the width W3 of the bias transistor M3 is f000 pm.

Measured data before post processing are presented in table 4.6.

Postprocessing has been applied to the oscillators oscl, osc2 and

osc3. Figure 4.17 a) shows the front view of oscL while the view from

the back is shown in figure 4.17 b). Clearly visible is the spiral of

the coil, suspended by the oxide membrane, and the mirrored coil on

the side walls of the etched hole in figure 4.17 b), while fibers of the

tissue below the chip are visible through the transparent membrane.

The smooth surface of these walls proves the high quality of etching
which can be achieved with no great difficulty. The postprocessing
enables the oscillators to be operated at smaller current consumption,
as indicated in table 4.7. Due to the reduced parallel capacitance of the

postprocesscd coils, oscillation occurs at increased frequency.

In the case of the tunable oscillators the resistance of the tuning

D.U.T. f Vo TA, 1b V HA 2 Coil

GHz mVpeak V mA Y /./m

oscl 1.022 181 -1.5 -15.9 6.8 1500 1)

osc2 1.025 421 -1.5 -15.3 5 1000 3

osc3 1.134 105 -1.5 -9.8 _ 1500 3

osc4 1.012 117 -1.5 -10.1 — 1500 2

Table 4.6: Oscillator measurement before postprocessing.
^ La - 370 pm, spiral m metal I and metal 2. Lcaic - 4-1 nH.
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a) b)

Figure 4.47: a) Front view of the postpwcesstd LC oscillator chip,

b) Back view of the postprocessed LC oscillator chip

capacitance as well as the parallel capacitance to the tank leads to a

great icduction of the lesonatoi Q. Thus, a high bias voltage of 5 8 V

has been lequued to keep the Q i eduction small

DUT f lb VA Ib noise V coil Leq size

GHz mVpeak V

-1 2

mA dBc/Hz V nil pm

oscl 1 L21 76 3 -5 3 -9 4 58 _

i)
- 370

osc2 1 201 89 1 -1 35 -5 2 -97 5 S 3 5 5 400

osc3 1 199 106 -1 2 -58 -95 —

_i)
— 370

Table 4.7: Oscillator measurement aftei postprocessing.
x) La = 370 pm. spnal in metal 1 and metal A Lcap — 4-1 nH.
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Oscillator noise measurement

Figure 4.18 shows the measured noise spectrum of the oscillator osc2

where the bias current Ip through Mi is 5.2 mA, the supply voltage

Vss is 1.4 V and the varactor voltage Vy is 5.8 V. The noise spectra

ATTEN 10dB VAVG 27 MKR -75.50dBm

RLOdBm 10dB/ 1.2017260GHz

^^^ ^^^*^^^^^

CENTER 1.2016260GHz SPAN 200.0kHz

RBW 3.0kHz VBW 3.0kHz SWP 67ms

Figure 4.48: Measured noise spectrum of the oscillator osc2.

shown in figure 4.19 have been measured by the method described in

3.2.3. Because the carrier frequency is unstable within several hundred

Hz, oscillator noise measurement close to the carrier is more difficult.

For each frequency offset, the average of a series of 16 independent mea¬

surements has been performed using a 1 kHz resolution bandwidth. Be¬

tween 10 kHz and 1MHz. the noise spectrum shows a 20 dB per decade

decrease whereas beyond 1 MHz the oscillatoi noise drops below the

noise floor of the spectrum analyzer. At 100 kHz from the carrier the

noise is 96.5 to 97 dBc/Hz. This is 1.6 dB lower than the predicted value

calculated above.
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Figure 4.19: Single side noise spectrum of osc2. averaged from 16

independent measurements with 1 kHz RBW. .' positive frequency
offsets, - - - ; negative frequency offsets from the carrier.

4.5 Isolation from digital cross coupled noise

Recent advances in CMOS technologies enable more and more analog
functions to be integrated into CMOS [35]. [11] at improved performance
and advantageous cost. One step toward implementation of complex
systems on a single chip is integration of mixed-signal analog digital
circuits on the same chip. Since coupling of mainly digital switching
noise onto analog circuitry may lead to substantial interference or even

malfunction of analog signal processing [75]. [37], guard rings formed

by substrate contacts are used to prevent such crosstalk in technologies
with lightly doped wafei material as indicated in figure 4.20 a). How¬

ever, to be less susceptible to latch-up. in CMOS often heavily doped
wafer mateiial covered with a thin epitaxial laver is used. In these tech¬

nologies the guard ring method is no longer effective. As the substrate
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Analog Digital Analog Digital

a) b)

Figure 4.20: a) Noise current flow lines for a lightly doped substrate,

b) Noise current flow lines for an epitaxial layer heavily doped wafer
material.

resistance between any two points in the p
' layer is only a few ohms.

it can be considered as a single super node [75]. [50]. So, the short¬

est resistive path between two points neai the surface of the epitaxial

layer is first vertically down to the heavilv doped p+ wafer material,
then through it and vertically up to the second point on the surface as

shown in figure 4.20 b). The guard ling will only help if the resistance of

the horizontal path between the guard ring and the channel of sensitive

analog transistors is much lower than the resistance of the vertical path
from the substrate. This is rarely the case in modern epitaxial layer

technologies. The use of substrate macro-models that can be included

in simulators such as SPICE to enable the designei to analyze substrate

coupling in mixed-mode chcuits has been reported in [74], [53], [25].
The main problem foi the designer, however, is the prediction of the

interfering noise on analog ch cuits due to the large number of noise

sources, coupling paths and sensitive nodes.

4.5.1 Isolating analog from digital circuits

The best way to prevent digital noise from coupling to the analog circuits

is to physically separate both types of circuits. In fact, many high

performance products adopt the approach of placing separate analog
and digital dies onto the same insulating substrate in the same package.
Such an approach incieases the number of bonding pads on both chips.
This leads not only to increased chip size but also to higher power

consumption, due to additional I/O circuits.
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Figure 4.21: a) Substrate isolation by a etched trench around analog
sensitive circuits, b) N-well pad shielding.

A promising method to perform isolation from digital noisy substrate

is etching from the back, similar to the method used to improve the Q
factor of coils by removing the substrate underneath. A trench can be

etched around sensitive analog circuits to perform substrate isolation as

indicated in figure 4.21 a).

A special mask shape, shown in figure 4.22 a) serves to prevent the

convex corners from attack by the anisotropic etchant such as potassium

hydroxide (KOH), or ethylene-diamine pyrocatechol (EDP) which have

not only a high etch rate for the (100) crystal plane but also for the (22 L)
plane. The intersection of these two lines is shown in figure 4.22 b) by
the line a. The angle a between the lines a and b is 18.43 A Although
the corner protection, a constant 0.02 mm2 loss of the active area Ao

per corner occurs due to the etched region At. However, for a 1.5 mm

by 1.5 mm island, the area of the oxide membrane is mainly dominated

by the strip around the island.

Although loss of the active area depends mainly on the width of the

oxide membrane strip, it should not be designed below 35 pm for two

reasons: first, capacitive coupling between the island and the remaining
substrate would increase the narrower the trench width, and second:

the wafer thickness varies by a few micro meters, which results in un¬

certainty of the oxide strip width. Notice that an additional increase of

the trench width by a few micro meters may occur due to misalignment
of the CMOS structures to the silicon lattice. The area Ai of 0.215 mm2

for a 35 pm width, together with A2 areas in the corner regions, corre¬

sponds to 13% for the 1.5 mm by 1.5 mm island. In the case of a larger
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a) b)

Figure 4.22: a) (211) Etch front at corners, b) Compensation mask

for corner protection.

island, percentage loss decreases further on.

Some chips were designed and post processed to test the feasibility
and effectiveness of the isolation. Because the chip was mechanically
stressed by the chip holder, etching with KOH was stopped 20 pm before

the oxide was attained. Final etching was performed with EDP. The

advantage of this method for small chips is that a special holder facility
is not needed to shield the surface from the etchant since EDP only
slightly attacks the aluminum pads on the chcuit side.

Figure 4.23 a) shows a chip photo from the top. On the left upper

coiner, some circuit of the digital noise geneiatoi is visible while the

sensitive analog transistor is on the 1.5 mm by 1.3mm island. Cleaily
visible is the transparent membiane at the nairow side of the etched

trench, which is light because of the illumination from the bottom. No¬

tice the connections to the pads suspended by the oxide membrane.

The photo in figure 1.23 b) shows the chip from the bottom. It is il¬

luminated also from the front side so that the foui connections to the

pads are visible through the membrane (on the left side). Cleaily visi¬

ble is the remaining nitride mask on the bulk of the island and on the

lemainhig substrate around the tiench of which the side walls appeal

daik.
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Figure 4.23: Die photo of the etched test chip, a) Front view, b) Bot¬

tom view.

Bonding and Packaging

The ESD protection circuits are located on the substrate of the com¬

pletely isolated island to prevent noise coupling thiough the large junc¬

tion capacitances. Although the location of the bond pads on the analog
island prevents digital noise injection from the noisy substrate as per¬

formed in a previous approach [7]. it is better to locate the bond pads
on the digital substrate to avoid bonding problems. Since some noise

of the digital substrate is injected into the pads, integiated in metal 2,

shielding with N-well layers underneath as shown in figure 4.21 b) has

been applied to achieve lediiction of this noise. If allowed by the design
rules ii+ layer or metal 1 could be used instead of the N-well only.

An important aspect for low cost is efficient packaging of the post-

processed devices. As successful bonding of such dies has been pcr-

foimed with an ultrasonic wedge bonder without problems, the au¬

thor believes that, taking into account the fast progiess in packaging
of micio-macliined chips, the packaging can be managed at reasonable

cost.

To examine the robustness of the etched structure a force has been

positioned in the center of the analog 1.5 mm by 1.5mm island. No
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damage to the membrane has occured for a force of 44 N (4.5 ponds)
This force on a 2.25 mm2 area corresponds to a pressure of 20 kPa.

In addition, bond wires have been mounted on the analog pads using
an aluminum wedge bonder at rather high ultrasonic power level. No

damage of the oxide membranes has been observed.

4.5.2 Experimental result

To evaluate the practical aspects of the basic idea outlined above, some

test structures have been implemented in the f pm SACMOS technol¬

ogy. While in figure 4.24 a) the circuit on the left side injects digital
switching noise into the substrate, the circuit on the right side allows

measurement of the cross coupling into analog transistors.

An on-chip clock generator which drives a large buffer represents
the digital circuits. To provide measurement of cross coupled noise at

various frequencies, the generator has been implemented in the form of

a current controlled three stage ring oscillator. It can be tuned within a

wide frequency range from a few Hz to about 40 MHz. Digital switching
noise is injected into the substrate via the 0.6 pF and 2.2 pF drain

area junction capacitances CpBP and Cp>Bn of the buffer n- and p-type
transistors and a 8.9 pF MOS capacitor C\t which is in parallel to the

junction capacitances. The circuit on the generator side is completely
surrounded by a wide field of many substrate contacts which perform a

5.5 U substrate connection.

Measurement of cross coupled noise is performed by a 2000 pm wide

1 pm sense transistor made of 20 fingers. It forms a current mirror in

conjunction with a 200 pm wide 1 pm transistoi used for the current

control. A 14.5 0 substrate connection for \\ is achieved by a surround¬

ing band of many substrate contacts. Measurement has been performed
on wafer using the setup in figure 4.21 b). To prevent ground loops, in¬

dividual battery supply for the digital and the analog circuit is used.

A constant DC voltage of 2 V at the drain node of the sense tiansis-

tor prevents stray capacitances from degrading the measurement. The

cross coupled noise crurent at the chain node of the sense transistor

has been measured by conversion of the noise current into a voltage of

which the noise spectrum has been measured bv a spectrum analyzer.
Measurement is performed at f MHz because the band width of the



114 Chapter 4. Monolithic LC Oscillator in CMOS

Digital noise

source

•dd

UnF"

ggj>
vss
B-i Supernode,

'DBp

A 1

Analog
transistors

vss 'bg 'd vb
h ta s

r^h

isolating trench

a)

spectrum

analyzer

bias

current

for the H

ring '•Ar digita
oscillator-L power

Figure 4.24: a) Test circuit, b) Measurement setup.

current-to-voltage-convert er used is limited to this frequency for a con¬

version of f mA/V. The noise floor of the setup is — 130 dBm/Hz which

corresponds to a rms current of 70.7 nA. This is 6 times or 16 dB higher
than the thermal 11.5 nA rms noise current of the transistor.

The level of the measured cross coupled signal is —51 dBm before the

post processing as shown in figure 4.25 a). After the micromachining,
the measured cross coupled signal shown in figure 1.25 b) has been

reduced by 40 dB in the case of the non-shielded analog pads and by
more than 50 dB in the case of the pads shielded with a N-well layer as

ATTEN 10dB MKR -51.33dBm

RL-20.0dBm 10dB/ 1.0010MHz

CENTER 1.0000MHz SPAN 200.0kHz

*RBW 1.0kHz VBW 1.0kHz SWP 500ms

a)

ATTEN 10dB VAVG5 MKR-90.83dBm

RL-20.0dBm 10dB/ 1.0020MHz

CENTER 1.0000MHz SPAN 200.0kHz

*RBW1.0kHz VBWLOkHz SWP 500ms

b)

Figure 4.25: a) Measurement of the moss coupled 1 MHz signal, b)
Measurement of the cross coupled 1 MHz signal after post processing in

the case of non shielded analog pads.
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ATTEN 10dB VAVG 10 MKR -96.67dBm

RL-20.0dBm 10dB/ 951.3kHz
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Figure 4.26: Measurement of the cross coupled signal after post

processing in the case of analog pads shielded with a N-well layer.

shown in figure 4.26. In the case of the shielded pads, measurement at

a 100 Hz resolution band width showed that the cross coupled 1 MHz

signal is well below the noise floor.

4.6 Summary

It has been demonstrated that integrated coils in the 1 pm SACMOS

technology are feasible with a Q factor of at least 2.5 for a 4.5 nH induc¬

tor. When no postprocessing is applied, the integrated source coupled
oscillators show operation at a power consumption between 15 mW and

20 mW at a 1.5 V power supply while the measured noise to carrier ra¬

tio is less than —90dBc/Hz at a 100 kHz offset from the carrier. These

results demonstrate that a completely integrated LC oscillator in a cost

effective 1 pm CMOS process is feasible.

After removing the substrate below the coils from the back, a sub¬

stantial Q factor increase of the inductor was achieved at 960 MHz.

Using the improved coils, the integrated source coupled oscillators show

operation at a power consumption of 7mW whereas noise to carrier
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ratio of —97 dBc/Hz was measured at a 100 kHz ofiset from the carrier.

Similar to the postprocessing applied for the coil improvement, iso¬

lation of sensitive analog circuits from the noisy digital substrate can be

achieved by etching a trench into the substrate around the analog cir¬

cuits. A particular experiment shows a 50 dB reduction of cross coupled
noise at 1 MHz upon the application of this method.



Chapter 5

Digitally Trimmable

Crystal Oscillator

The design of digitally trimmable 100 MHz crystal oscillators integrated
in a lpm CMOS double poly N-well technology is presented. A brief

review is given on the principle characteristics of crystals operating in

the fundamental-wave mode. Such high frequency fundamental-wave

mode crystals are available today up to 200 MHz due to the recent

progress in crystal manufacturing. On the basis of the 3-point oscillator

model, start-up conditions, amplitude prediction and frequency tuning
arc discussed with special regard to minimum power consumption.

Oscillator trimming by both a binary weighted and a thermometer

coded switched capacitor bank are considered with respect to contra¬

dicting requirements such as tuning range, tuning accuracy and mono-

tonicity as specified by industry partners.

The implementation of the oscillator type, as well as the best way to

perforin switched capacitors is discussed. Finally, experimental results

of oscillators with binary weighted and thermometer coded capacitor
banks are presented.

117
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5.1 Principles of crystal oscillator design

Good crystal oscillator performance mainly depends on the characteris¬

tics of the passive resonator itself. However, to meet the required oscil¬

lator specifications such as oscillator amplitude, frequency timing range,

tuning accuracy and oscillator noise at minimum power consumption.
a proper design of the active circuit is important. Therefore, not only

understanding of the crystal characteristic is of crucial importance, but

also, hand analysis methods for the active circuit are required to find

the appropriate topology for a specific application. Simple oscillator

analysis is achieved when the negative resistance model shown in figure
2.2 b) is used because it enables the designer to consider the crystal and

the active circuit individually.

5.1.1 Crystal modeling

Depending on the required characteristics, crystals are cut at different

angles from solid grown crystals such as the one shown at the top of fig¬
ure 5.1 a). For crystal oscillators above 10MHz usually AT-cut crystals
are used, which are cut at a 35° 15

'

angle to the Z axis. Such crystals

operate in thickness-shear vibration mode as shown at the bottom of

figure 5.1 a) where the wafer thickness is below 67 pm for a 25 MHz

fundamental-wave mode crystal, for example. AT-Ciystals show a fre¬

quency error versus temperature characteristic of the third order with

the reversal point at room temperature. As shown in figure 5.1 b), the

eiror curves a) to g) vary dependent on the AT-cut angle from pos¬

itive to negative angle offset. The appropriate offset angle is chosen

to achieve the smallest overall frequency tolerance within the desired

temperature range. For example, curve e) represents an AT-cut off¬

set angle of 0
'

and shows the smallest frequency variation within the

temperatme range from —20 to 80 °C, while curve c) shows the smallest

frequency tolerances for the tempeiature range between —50 and 100 °G

for a positive 8
'

AT-cut offset angle.
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a) b)

Figure 5.1: a) Thickness-shear vibration of a AT-cut crystal cut from
the solid grown SiOo crystal above, b) Normalized frequency error ver¬

sus temperature dependent on different AT-cut angles.

Impedance of the crystal

The equivalent circuit of figure 5.2 can be used to describe the electri¬

cal propeities of the crystal. This circuit contains several second order

resonators. An AT-cut crystal shows not only fundamental-resonance,
but also third-, fifth- and even higher order resonances. Furthermore,
crystals often show resonances in the neighborhood of the fundamental

frequency, called spurious responses. These responses are caused by im¬

perfections in the mateiial [21] or dissymmetry such as the uncontrolled

thickness of the resonator [4]. Assuming the resonance frequencies are

far enough apait. the i— resonance frequency is determined by eq. 5.1.

/sW^ytVa ^[)
2ttLs{i)Cs{i)

Usually, the fundamental resonance dominates the frequency in os¬

cillators, as this resonance shows the highest quality factor. Thus, only
the fundamental resonance, which is represented by the electrical equiv¬
alent series circuit of the motional parameters R. L and C shown in

figure 5.3 a), will be discussed in the following. In addition to the series

resonator circuit, a static capacitance Co conies in parallel as shown in

figure 5.3 b). Co is mainly determined by the metalization on the crystal



120 Chapter 5. Digitally Trimmable Crystal Oscillator

Zj 22

r T î
cs(i) :J: :J:cs(2) ±zcs(i)

! i

1. k

1 cs1

Ls(i) $ - i Ls(2) i LS(1)I±C0

Rs(') i"j [j Rs(2) M RS(1) US2

Figure 5.2: Model-circuit of au AT-cut crystal.
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Figure 5.3: a) Motional part of the crystal, b) Electrical model of a

crystal, c) Crystal as paid of an oscillator.

wafer and by stray capacitances between the crystal node connectors.

The circuit in figure 5.3 b) shows resonance also at the so-called parallel
resonance frequency top of the crystal.

If the crystal is used in an oscillator, an active circuit as shown in

figure 5.3 c) is required to provide a negative resistance, which com¬

pensates any loss caused by Rs- If the crystal is used as part of a

parallel resonator as in a Colpitts or a Pierce oscillator, the crystal
provides an inductance while the active circuit provides a capacitance
which equals to the load capacitance Cp. This resonance occurs at a

frequency between the seiies resonance lüs and the parallel resonance

cop. The inductive characteristic of the crystal between these two fre-
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Figure 5.4: a) Crystal impedance Zltai of a 100MHz crystal in the

complex impedance plane for a frequency range between -50 ppm and

650 ppm of fs- b) Zvfai for a frequency range between -50 ppm and 300

ppm of fs

quencies can be described when the impedance ZvtQ] of the crystal is

drawn in the complex plane. It moves clockwise on a circle as a func¬

tion of the frequency starting on the left side at cos and moving towards

the right side at cup and moving backwards on the lower side reaching

a location close to the starting point at frequencies higher than cup.

The plot in figure 5.4 a) gives an example foi the impedance of a high

frequency fundamental crystal (fs = 100MHz, Cs — 2.5 fF, Rs = 10

O, Co — 2pF) for frequencies between -50 ppm and +650 ppm from

fs, while figure 5.4 b) shows the impedance of the same ciystal within

a smaller frequency range between -50 and 300 ppm from fs- At the

point where the imaginary part of the impedance is zero the real part

of the impedance is close to Rs and the frequency is close to fs.

To enable high oscillator performance the operating point should be

on the very left, but positive, side of the circle in figure 5.4 a). In an

oscillator, this operating point can be determined by the value of the

load capacitance. With decreasing load capacitance, the oscillator res¬

onance frequency increases and the impedance of the crystal will move

toward top. Figure 5.5 shows the real part and the imaginary part of

the impedance veisus frequency offset from fs for the crystal mentioned

above. /Vt the same time it shows the corresponding load capacitance
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Cl as well as the phase of the impedance. As long as the crystal is only

slightly pulled away from fs, the real part of the impedance will be only

a few ohms higher than the Rs and the corresponding load capacitance

Cp will still be in the range of some pF.

On the other hand, at frequencies wheie the influence of Co begins
to reduce the equivalent inductance, the real part of ZTfaj increases

towards a very high value between several kOs and MOs dependent on

the crystal used as shown in figure 5.4 a) on the right side. To achieve

this situation, the load capacitance Cl of the active circuit would have a

very small value being below the one of Cq. However, an oscillator with

such a high impedance in the crystal loop would lead to poor oscillator

noise performance as the loop would be very sensitive to injected noise.

To prevent this, Cl given bv the active circuit should not be too small.

In practice, with respect to oscillator noise, Cp should be chosen a few

times higher than the static capacitance (70 of the crystal.

To simplify the oscillator analysis, the static capacitance C'o can

be transferred into the active circuit [81]. Using this approach, the

impedance analysis of the passive tank-circuit simplifies substantially
as the latter consists only of the the series ehcuit shown in figure 5.3 a).
Considered from the view of relative frequency pulling beyond us- the
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detuning variable v in eq. 5.3 can be defined. Then the first order Taylor-

expansion at us in cq. 5.4 can be taken to approximate Zs with eq. 5.5

where the imaginary part depends linearly on the detuning.

1 '" 2 T

Zs = Rs A ju)Ls + -—— = Rs + jwLs —

juCs
'

u

= jRs+jusLsi—-^) ^
\us u

v

u us

Us u)

2Au 2(u>-u)S)

us eus

;5.3)

(5.4)

Zs « Rs A j2Ls =- AuRs A j2Au>—— (5.5)
1

4cs

An important measure for the oscillator noise performance is the

quality factor Q of the crystal determined by the motional parameters

according to the first term in eq. 5.6. It can be approximated by the

second term in eq. 5.6 as u is close to us for a crystal. Because the

Q factor of crystals is very high, the current through Zs is nearly pure

sinusoidal for any shape of the voltage across.

Q ^
^

« 1-- (5.6)
Rs los^- s Rs

Phase sensitivity

In [59] it is shown that a higher load capacitance means operation closer

to fs and, therefore, higher phase sensitivity. This is shown in figure
5.5 a) and b) for the 100MHz crystal mentioned above. The phase sen¬

sitivity is much smaller for a 10 pF load capacitance (v/2 = 104 ppm) or

for a 5pF load capacitance (v/2 = 179ppm) than at us- This measure

is useful if phase noise analysis is performed on the base of [43].

However, for a Clapp or Crystal oscillator, phase sensitivity, though

important, must not be considered separately as the oscillator noise
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Figure 5.6: Three point oscillator model.

can be calculated directly from the characteristics of passive and active

components as mentioned in 3.3. It is shown that the oscillator noise

depends reciprocal on the sum of Ci, CA and C1C2/C5. In terms of

load capacitance CA, which is mainly the scries circuit of Cl and C2,
this means that a higher load capacitance leads to lower oscillator noise

which is in accordance to [59].

5.1.2 Three-point oscillator

One of the best known oscillator structures is the so-called three-point
oscillator [81] shown in figure 5.6 used for Colpitts and Clapp oscil¬

lators. At resonance the crystal behaves like an inductance in series

with a resistance. To compensate loss due to Rs- the active circuit has

to provide a negative resistance that is produced by the circuit com¬

posed of the transistor Mi. Ci and 62- This negative resistance can be

approximately calculated using eq. 5.7.

-R
Or

wA('2
(5 7"

Start-up

To derive the minimum transconductance gTn. also called gmc, which is

required to compensate loss due to Rs, the equivalent resistance R in

eq. 5.7 has to be determined. In a Clapp or ciystal oscillator the ca¬

pacitance C3 may be considered as part of the active circuit connected
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Figure 5.7: Oscillator crystal represented by equivalent elements.

in parallel to the (C1-C2-( — /?)) combination. This circuit combination

will have a reduced negative resistance. On the other hand, the capac¬

itance can be considered as part of the crystal in parallel to the series

circuit of the motional parameters Ls- Cs and Rs- The equivalent cir¬

cuit at oscillation frequency, indicated in figure 5.7, will show a higher
resistance R's than Rs- The equivalent resistance R's is determined by

eq. 5.8. Thus, R in eq. 5.7 replaced by R's leads to the same equation

as eq. 2.47.

R' --= ^s

CA NACA
Cl -C2

CIO2

C1+C2

.8)

When C\ and CA show small series resistances Ri and R2 of a few

ohms the active circuit in figure 5.7 will be expanded to the circuit in

figure 5.8 a). Its impedance Zncf can be determined approximately by
the bold terms in eq. 5.9 and eq. 5.10.

Re{Zacf} -

u C1C2

Ri ~L R2 -J- RiR2gr :s.9)

Im{Zncf} =

.'Ct uC,
A

~ ^2 fir

uC\

~Rl9r

uCo
'5.10)

For start-up consideration where oscillation amplitude is still very

small, the impedance of the active circuit is nearly independent of the

frequency u as long as the poles are far enough apart from the reso¬

nance frequencies of the crystal. The total resistance of the oscillator

loop indicated in figure 5.8 b) is the sum of R's. Rx, R2 and the negative



126 Chapter 5. Digitally Trimmable Crystal Oscillator

B

ßr\

TCi
Ri

a

M.

R.

J

L'c

R',

b)

1

I

I

-R,

R

R.

TB T"C2

Figure 5.8: a) Active circuit with lossy capacitors, b) VIodel circuit of
lossy oscillator loop.

resistance —Ra of the Ci-Co-iMl combination. If this sum is zero the

minimum (critical) transconductance gmc for start-up can be calculated

by eq. 5.11, where R is the sum of R's. R\ and R2-

gmc = RuqCV (5.11)

Under the condition that the values of Ci and C2 are much higher than

that of C3, a rough idea of the minimum (critical) transconductance

gmc will be achieved assuming Rs — Rs-

For the best trade-off between frequency stability and required trans¬

conductance, CA and CA should be equal [81]. This means, that to

achieve oscillation, the required transconductance is proportional to the

square of both the load capacitance and the oscillation frequency. In a

CMOS realization, gm is a square 100t function of the bias current.

A 2.1MHz CMOS crystal oscillator may consume 2.3 pN [40]. Scal¬

ing the frequency to 78 MHz. while keeping the rest of the parameters

identical, would require a current consumption of more than four am¬

pere to achieve start-up. Therefore, it is evident that the capacitance
of Ci and C2 has to be reduced for a 100 MHz oscillator. Further¬

more, the static capacitance CAj of the civstal should not exceed 1 or

2pF. However, the reduction of the load capacitance is restricted by
the requirement of a trimming capacitor bank in the design as will be

discussed in 5.2.
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Oscillator amplitude

The start-up requirement is not the only item which influences the power

consumption of the oscillator. In a local oscillator of a RF receiver,
the amplitude is required to exceed a certain level, such as 0 dBm, to

drive the switch transistors of a mixer sufficiently on and off in order

to minimize noise figure. In frequency synthesizers, the amplitude must

be high enough to drive the digital prescaler. In the application used

here, the oscillator output should be more than 100 mVpp to drive

a frequency multiplier. Amplification in addition to the oscillator is

usually not power efficient, because such an amplifier must have much

higher unity-gain bandwidth than the oscillation frequency.

The steady-state amplitude of a CMOS three-point (Colpitts) os¬

cillator is independent of the transconductance gm when gm is clearly
higher than required by the start-up condition. Under these circum¬

stances the exact amplitude calculation of a CMOS Colpitts oscillator,
shows a linear dependence between the oscillator amplitude and the av¬

erage supply current Ip- The amplitude is given in eq. 5.12 according to

[32], where Vm is the voltage between gate and source. gmc is the min¬

imum required transconductance for start-up and given by the passive
network.

v- = r-/M =

R^-r^TL) (5-12)
gmc t\U t it 2 3

The variable x is defined as (Vt — Vp)/Vm and represents the duty cycle

{Ton/Tper) expressed in eq. 5.13. Notice that eq. 5.12 is only valid, when
the duty cycle is less than 100 %, which means x is between -f and 1.

ron arccos(.c)
(5.13)T

T

-Xper /I

Figure 5.9 shows the oscillator amplitude and the transconductance

of a CMOS transistor versus the supply current Ip compared to the min¬

imum required transconductance gmc for a tank with Ci = C2 = 10 pF,
Rs = fOO f — 100 MHz. Obviously, an amplitude of 100 rnVp is not

achievable since the required transconductance of the transistor is too

small. Using this tank, the tiansconductance of the transistor, and

thus the size, has to be much larger to fulfill the start-up condition. If

a peak voltage of 800mV for Im is desired, the required bias current
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Figure 5.9: Vm respective gm versus Ip.

Ip will be high enough to sustain oscillation, as in this case. gm will be

higher than gmc. Typically gm at factor 3 to 5 times higher than gmc is

recommended to prevent problems with the start-up.

Frequency tuning

Another important aspect of a crystal oscillator design is the tuning

of the crystal. The resonance frequency of a crystal depends on the

equivalent load capacitance CA, of the active circuit which is connected

in parallel to the crystal. The resonance frequency is given by eq. 5.14

wheie Cp = Cp + Cq- Equation 5.14 can be simplified to cq. 5.15 as

long as Cp is much laiger than Cs-
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Figure 5.10: Crystal resonator tuning curve.
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As an example, tuning curves according to eq. 5.15 are shown in fig¬
ure 5.10 for three different crystals, where the desired frequency is in¬

dicated for each crystal with D. E and B. The fastest crystal has a too

high frequency at the typical load capacitance Cpo and must be pulled
to the desired frequency using the large load capacitance Cp3, while

the slowest crystal must be pulled to a higher frequency with the small

load capacitance Cpi. The curve in between describes the behavior of

an ideal crystal with exactly the desired frequency at the typical load

capacitance Cp2-

The tuning range given in eq. 5.16 is proportional to Cs and in¬

creases for smaller load capacitances. Thus, tolerances of Cs will cause

the same tolerances for the tuning range and the tuning sensitivity is

the highest for the smallest load capacitances.

A/o fs
-Cs&Cr

2CP(Cp +
AC

p,

).16)

It is worth mentioning that, in general, a wide tuning range due to a

low load capacitance is in contrast to low oscillator noise. But, for the

intended application noise is not a problem because of the high Q factor

of the crystal resonator.
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5.2 Digital oscillation frequency tuning

5.2.1 Specification

The oscillator design was started on the basis of requirements from in¬

dustrial partners. A low power high frequency oscillator with frequency

accuracy within ±0.3 ppm was required. To achieve this accuracy, the

crystal oscillator is synchronized to a very accurate low frequency crys¬

tal reference. It is very important that the tuning is monotonie due to

the synchronization procedure used.

Oscillator noise

At 300 Hz from the 78 MHz carrier, oscillator noise should be less than

-90 dBc/Hz.

Crystal

Operation with a fundamental crystal at frequencies up to 100 MHz

has been planned. To keep the cost of the crystal low, the use of a

crystal with an accuracy within ±35 ppm is advantageous, temperature

dependencies as well as aging included. The motional capacitance Cs
has been specified at 2.5 fF within ± 30 A. while the static capacitance
Co of a high frequency fundamental crystal should not exceed 2.5pF.
Such a crystal shows a motional resistance between 8 and 24 O.

Stray capacitances

Stray capacitances between the two crystal nodes can be limited down

to a few hundred fF, while stray capacitances to ground often show

some pF due to the layers used on the PCB.
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Power supply voltage

To enable battery operation, power supply voltage should be as small as

2.7 V. But, it is more desirable to have single battery operation. This

means supply voltage of less than f .9 V.

Technology

The use of a cost effective 1 pm CMOS technology is highly desired,
because main parts of the system such as digital signal processing as

well as a digital regulation for the oscillator frequency are integrated in

this technology.

5.2.2 Oscillator frequency tuning

A tuning facility is needed in order to achieve the required frequency ac¬

curacy. The only way to tune the crystal is to vary the load capacitance

Cp which is connected in parallel to the crystal resonator and formed

by the active circuit. To enable efficient analysis of the oscillator circuit

the use of the three-point oscillator model is preferred. Notice that the

static capacitance Cq of the crystal is not included in Cl, but is part of

Cs in the three-point oscillator model.

The load capacitance Cl is composed of C3 in parallel with C\
and C2. Cs is a fixed capacitance and includes the Co and all capac¬

itances between the two crystal nodes from PCB, packaging and the

active circuit. Cs should be kept as small as possible. Otherwise power

consumption will increase, and phase stability will be degenerated (see
5.1.1). Thus, the load capacitance is mainly dominated by Ci and C2.
That is why these capacitances have to be varied for tuning. Both of

them should be varied equally to achieve best efficiency with respect to

power consumption (see 5.1.2).
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5.2.3 Capacitor bank

Because of the digital tuning interface, the use of a digital trimmable ca¬

pacitor bank is obvious. The only capacitances which can be integrated
into the available CMOS technology are junction, MOS and poly-silicon
to poly-silicon capacitances.

A simple approach is the use of switched capacitances. But, to

enable high capacitance difference between on and off state, unwanted

stray capacitance should be kept small. Suitable for that are interlayer

capacitances such as poly-metal or double-poly capacitors. For a 1 /mi

CMOS technology, the parasitic capacitance between the bottom plate

and ground is in the order of only ten percent.

The use of junction capacitances in combination of a D/A converter

to provide the tuning voltage is not suitable. Since the junction capaci¬

tance depends inversely proportional on the square root of the voltage,
the reduction of the maximum capacitance by 75 % requires a voltage
increase by factor 16. Since the minimum bias voltage across the junc¬
tion should exceed the peak oscillation voltage of a few hundred mV. a

maximum bias voltage in the order of several volts would be required.
Another draw-back of integrated junction capacitances is their high re¬

sistive loss.

Although MOS capacitors show high capacitance per area, they are

not suitable for tuning. Firstly, the bias voltage across the MOS capac¬

itance should be kept well beyond the threshold voltage since the MOS

capacitance may vary substantially in case of small bias voltage fluc¬

tuations [76]. Secondly, the junction capacitance between the channel

and substrate aie high and depend on the bias voltage as well. In case

of voltage dependent tuning capacitances, small supply voltage varia¬

tions will lead to modulation of the oscillator frequency, which means

increased oscillator phase noise. The active area of the MOS capacitor
could be connected to analog ground to neutralize the junction capac¬

itance between the channel and substrate. But, the switch would have

to be connected between the MOS capacitor and the oscillator circuit.

This is problematic because the switch transistor, being in the on state,

needs a defined gate source voltage to perform a small resistance. This

is important because the Q factor of the switched capacitance should

not be degraded by resistive load.
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Minimum power consumption versus tuning performance

The size of the switch, as well as the capacitance values of the variable

parts to Ci and C2 is a trade-off between tuning range, accuracy and

power consumption.

To reduce the power consumption of the oscillator, either the critical

transconductance gmc has to be 1 educed or the transconductance of

the transistor has to be increased. The latter can only be achieved

by increasing the size of the transistoi. This leads to a larger gate

source capacitance which adds up to Cj.. But, gmr is proportional to

the product of Cl and Co while the transconductance of the transistor

is a square root function of its width. Thus, a too wide transistor would

even lead to a reduction of negative resistance clue to eq. 5.9.

gmc is also proportional to R, which is the sum of the resistance R's,
Ri and R2 as shown in figure 5.8 b). Ri and R2 are mainly caused by
the series resistance of the switches wdien in the on state. To keep the Q
of the resonator high. R should be dominated by the motional resistance

Rs of the crystal. Therefore, the lesistances Ri and i?9 should be low

compared to the resistance R's. However, for the worst case threshold

voltage, the available gate overdrive is in the range of only 1 V. Thus,
the only way to reduce the switch resistance of the transistors is to

increase the transistor width. But. this will limit the tuning range

because the drain-substrate and drain-gate capacitance of the switch

add to the parasitic capacitance that will remain in the off state.

The load capacitance should not be implemented too high because of

the lower tuning sensitivity at a higher load capacitance. On the other

hand, using a smallei load capacitance means smaller capacitance steps
at minimum load capacitance to achieve the required small tuning step
of 0.2 to 0.3 ppm. As the tuning sensitivity is inversely proportional to

Cl squared, a higher resolution will be lequiiecl to achieve the specified

tuning range if the load capacitance is smaller. Using a digital binary
trimmable capacitor bank, high resolution means a large number of bits

and small unit capacitances if a digital binary trimming capacitor bank

is used. Due to the small size in case of very small unit capacitors, the

capacitance is mainly determined by the side-wall capacitance. How¬

ever, the latter is difficult to predict. Furthermore, variation of the

side-wall capacitance from unit capacitor to unit capacitor causes high
tolerances.
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Figure 5.11: a) Fix and variable capacitance in parallel, b) equivalent
series circuit.

As mentioned above. Ci and C2 should be a few times higher than

Cs to keep the phase sensitivity of the oscillator high enough. It is

difficult to keep C3 below a value of a few pF because C3 is the sum of

the static capacitance of the crystal and stray capacitances which will

occur in a practical implementation on a PCB. Because the phase noise

requirements for the current crystal oscillator are not difficult to meet, a

minimum capacitance of 3 to 4 times the capacitance of Cs is sufficient

for Ci and C2-

To determine the power consumption of the oscillator, the state in

which all capacitances in the capacitor bank are switched on has to be

considered. Then gmc at the highest value causes highest power con¬

sumption. In this case a capacitor bank can be modeled with a fixed

ideal capacitance and with a resistance representing the lossy part of

the switched capacitors as shown in figure 5.11 a). The fixed part rep¬

resented by Cn is caused by stray capacitances and can be considered

ideal whereas the switched capacitances expressed in C12 have a resis¬

tance Rsw in series due to the on resistance of all the switches.This

circuit can be transformed into the equivalent circuit in figure 5.11 b)
using the simplified formula 5.17 at oscillation frequency, the error being
in the order of some parts per mille.

RL R,
L 12

(Cn + CuY2
d n (.~>12 (5.1-

Using the model shown in figuie 5.11 b), the active circuit can be rep¬

resented by the circuit shown in figure 5.8 a) and figure 5.8 b) according
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to 5.1.1. The impedance Zact between the nodes A and B, Cs excluded,
is mainly given by eq. 5.18 according to eq. 5.9 and eq. 5.10.

Zact = - 3n n- ± R-swi + R-SW2 + Vr^ + 75N~ (5.18)
^ '

it- 2 WOi UL>2

A binary weighted array is one way to implement the trimming ca¬

pacitor bank. Because monotonicity is an important consideration for

the receiver system design, there is a lower limit to the value of the LSB

capacitor to ensure sufficient matching accuracy. On the other hand,
the capacitor bank can be implemented as a thermometer coded array.

Monotonicity is guaranteed in this case, because each increase in total

tuning capacitance is achieved by adding a new unit capacitance. De¬

spite the fact that the second approach allows reduction of the size of the

unit capacitance, the overall silicon area will increase, since additional

decoding logic is required.

5.3 Implementation of a Pierce oscillator

5.3.1 Pierce oscillator

One important aspect for the implement ation of a high frequency crystal
three-point oscillator is to keep the capacitance Cs small. The best

way to avoid stray capacitances from the layout on the PCB between

the crystal nodes that would add to Cj is to force them to the node

between Ci and C2. To comply to this requirement, ground has to be

connected to the source node of Ali where the crystal is not connected.

This configuration, shown in figure 5.12. corresponds to the so-called

Pierce oscillator scheme. With ground at this location, the variable

capacitances C\ and C2 are grounded as well. Therefore, the switches

of the capacitor bank can be peiformed with 11-type transistors. The

latter have a higher transconductance compared to p-type transistors.

Furthermore, no body-effect occurs, as the transistors source node can

be connected to substrate.

Both types of capacitor banks, binary coded array and thermometer

coded array, have been implemented to evaluate the trade-off between

power consumption and silicon area. For both implementations, the
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Figure 5.12: Simplified schematic of a Pierce oscillator.

switches are controlled by digital codes from the controller that does

the comparison between the oscillator and the reference.

Binary coded capacitor bank

In the binary design a 10 bit-resolution is sufficient. To minimize sys¬

tematic mismatch of the tuning capacitor array due to parasitic ca¬

pacitances and oxide thickness gradient, the binaiy weighted capacitor

banks are carefully laid out as a common centroid structure. The total

transistor width of the switches has been chosen to be nearly 4000 pm,

resulting in a 4pF drain bulk capacitance. The equivalent resistance

in series with C\ and Co is of the order of 4 0 which is less than the

motional resistance of the crystal and does not degrade the overall per¬

formance of the crystal oscillator too much.

The smallest unit capacitance would be 31 fF. But. such a small

capacitance, implemented in the current technology, would result, in a

very small 5/mi by 5 pm area poly-to-poly capacitance. With a toler¬

ance of 0.1 % for a 20 pm by 20 pm unit capacitance [52] a tolerance of

0.4% between two 5 pm by 5 pm unit capacitances could be expected.
In case of such small unit capacitances, it is difficult to predict their val¬

ues since they are dominated by fringe capacitances of high tolerances,
which are rarely specified by the foundry. To circumvent the problem,

only 8 bit have been implemented using 10 pm by tO pm sized 124 fF

unit capacitances at an expected tolerance of 0.2% as a compromise.

To achieve the 10 bit resolution, additional four 5 pm by 5 pm sub-
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a) b)

Figure 5.13: Crystal oscillator chip photos, a) Implemented with

binary coded capacitor hank, h) Implemented with thermal coded ca¬

pacitor hank.

unit capacitances have been integrated to piovide the missing two LSBs.

The 0.4% tolerance is not a problem foi the two LSBs. However, the

0.2 % tolerance could add up in the MSBs and affect monotonicity. To

prevent this problem, only 127 unit capacitances have been integrated
for the MSB, only 63.5 unit capacitances for the second important bit

and 31.75 unit capacitances for the third impoitant bit. Additional

sub-unit capacitances have been integiatcd that can be switched on

simultaneously with any of the three MSBs in the required number to

perform adjustment during production, if necessaiy.

To achieve small tolerances between unit capacitances, stray capaci¬
tances between the unit capacitances and the digital wires of the switch

transistors should be equal foi all unit capacitances. Thus, dummy

wiring has been implemented that is connected to ground similar to

digital wiring which, in the AC model, is consideiecl to be at ground.

The photomicrograph in figuie 5.13 a) shows the capacitor airay,

where the capacitor banks dominate the silicon aiea. The total chip
size is f. 1 mm by 0.9 mm without the pad fiame, in a t pm double poly
CMOS technology.



138 Chapter 5. Digitally Trimmable Crystal Oscillator

Column decoder ^

! —UC-r~i ..nth /-r>l
{}{){>{){> - W/

***, 0

o

a
(D
O

O
Q.
CD

|swh|—, A—-current row

*** 5 —active row

__

r
. __„_

...

L
V.

'50 fF

-*-1 IP i

— active row

-nth. col.

5/1 rAb

Dnth. col.

~i

SW]H[A2.5/1
i L!rj—

[~J active rows [

i

l

-o< — current row

Figure 5.14: Organisation of the capacitor bank.

Thermometer coded capacitor bank

For the thermometer-coded design, smaller capacitances for Ci and C2
could be implemented achieving a smaller g„u . Thus, the width of the

transistor Ali could be reduced down to 1000/im and still achieve a

gmi/gmc ratio of 5. In contrast to the binary weighted capacitor array,

unit capacitances, once switched on. have to remain active when an

increasing code requires new unit capacitances to be switched on.

To lower the amount of logic circuits to a minimum, the access of

each unit capacitance (cell) is done by column and row decoders to re¬

duce the amount of wiring, as shown in figure 5.14. The use of the four

transistors at each cell, at expense of some wiring, enables integration
of logic, which usually requires 6 transistors but, less consumption of

area. The AR signal for ''Active Rows" selects rows of cells completely
switched on, while the CR signal for "Current Row1' selects the row

where only a part of the cells are active up to the cell indicated by the

COL signal for ''column". A capacitor bank has 224 unit capacitances
of 70 fF with a 7 pm by 7 pm size. The area for the two capacitor
banks used for Ci and CA is 60 % higher, although, the total maximum

capacitance for CH and C2 is smaller, compared to the binary coded im¬

plementation as shown in the photomicrograph in figure 5.13 b). How¬

ever, monotonicity is guaranteed due to the thermometer code and the

smaller over-all capacitance of C\ and CA enables operation at one third
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of the current.

The 224 unit capacitances corresponds to 7.8 bit. less than the re¬

quired 11 bit due to the higher tuning sensitivity of a crystal with smaller

load capacitance. The missing three bits have been implemented in the

form of 7 sub unit capacitances of equal width but of different area

that is between 1/8 and 7/8 of a unit capacitance. The increase of the

capacitance is not linear, as the influence of the fringe capacitance is dif¬

ficult to determine. Much more important is the aspect of monotonicity,
which is guaranteed also for the LSBs.

5.4 Experimental results

To minimize parasitic capacitance that adds in parallel to Cs, the os¬

cillator chip has been dhectly bonded onto a PCB. The crystal nodes

have been shielded fiom each other by a ground layer in between to

force stray capacitances to giound. The measured stray capacitances
are 2.3 pF betwrcen node A ground and 3 pF between node B and ground
(see figure 5.12). To enable current measuiement for each part sepa¬

rately, the power supply has been laid out sepaiately for the oscillator

itself, for the on-chip buffer and foi the external digital circuit that

provides the chip with the digital code.

For the oscillator with the binary coded capacitor bank, 10 dip
switches are used to control the tuning capacitor an ay while additional

clip switches enable collection of the MSBs. Fortunately, there was no

need to use this correction as the tolerance of the unit capacitances to

each other was smaller than expected. It is assumed that the smaller

tolerances are related to two facts: the eaieful layout of which inter

layer stray capacitances have been compensated and the well controlled

technology.

With a 78 MHz crystal the characteristics of which are: Cc? -= 4.7 fF,
Rs = 6 ft and Cq - 2pF the total tuning range is 126 ppm which

is much better than the worst case estimate of 70ppm. Sets of four

frequency points, corresponding to two below and two above each major-

carry bit of the digital control code, are measured to examine the worst

case resolution and the monotonicity of the frequency tuning scheme.

From the three measured monotonie frequency steps of each set can



140 Chapter 5. Digitally Trimmable Crystal Oscillator

105.727

105.726

c 105.723

jy 105.722

105 721

105 720

105 719

105 718

0 100 200 300 400 500 600 700 800 900 1000

Digital Code

Figure 5.45: Measured frequency tuning as a function of the digital
code, a) 78MHz oscillator with binary weighted capacitor bank, b)
78MHz oscillator with thermometer-coded capacitor bank.

be concluded that the entire tuning curve is monotonia The highest
frequency step occurs at the set with LSB code where the trimming

accuracy is ±25 Hz. This corresponds to 0.3 ppm of 78 MHz. Figure
5.15 a) shows the timing curve based on the available 40 measurement

points.

For an amplitude of 450 mVpp, the required current consumption

depends on how much of the capacitor bank has been switched on. At

78 MHz, the best and worst case current consumption are 104 pA and

606 //A, respectively, whereas the typical current consumption is 239 pA.

In the case of the thermometer coded design, the total tuning range

is 128 ppm and the maximum tuning step is 0.2 ppm at 78 MHz. As the

tuning method is inherently monotonie, no exhaustive measurement has

been performed to test every transition, which would require 224 points.
Transition points were tested randomly, however, and monotonicity was

observed wherever tested. The 8 LSB steps by the sub-array have been

tested exhaustively. The result is plotted in Figure 5.15 b).

At the minimum supply voltage of L9V, the current consumption
//A, 104 pA and 197 pA. for the minimum, nominal and maximum

capacitance, respectively.

• w fm,

is 5/

In addition to the 78 MHz crystal, the oscillator circuits have been

tested with a 105 MHz fundamental crystal the characteristics of which
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Capacitor
bank type

Transistor

size W/L

[um/Lim]

Digital
tuning
code

Load

capaci¬
tance

pF

Freq.

MHz

Tuning

ppm

^DDA

V

'dda VXtal

mVPPM1 M2

binary
weighted
coded

3000/1 1300/1

0

345

1023

8.4

12

20

77.6795

77.6748

77.6701

+60

0

-60

1.7

1.7

1.7

104

239

606

450

484

454

0

362

1023

8.4

12

20

105.7257

105.7218

105.7180

+36.2

0

-36.4

1.7

1.7

1.7

284

715

1851

380

417

323

thermo¬

meter

coded
1000/1 600/1

0

669

1792

5.7

8

12.1

77.6860

77.6810

77.6761

+64

0

-64

1.9

1.9

1.9

57

104

197

462

472

464

0

669

1792

5.7

8

12.1

105.7723

105.7676

105.7634

+44

0

-40

1.9

1.9

1.9

200

349

714

418

397

378

Table 5.1: Summary of oscillator design parameters and measured

performance.

arc: Cs = 2.7fF. Rs = 13.5 0 and Cq = 1.5pF.

For the binary design, the total tuning range is 80 ppm. The cm-

rent consumption is 715 pA in the nominal case for 420mVpp. For the

maxinium tuning capacitance case, 1.85 mA is required for 320mVpp
amplitude at a 1.7 V power supply.

In the case of the thermometei-coded design, the total tuning range

is 83 ppm. For a 400mVpp voltage across the crystal, the current con¬

sumption for minimum capacitance is 200 //A wheieas that for maximum

capacitance is 700pA for a 400mVpp amplitude.

The important design parameters and measurement results of both

oscillator implementations are summarized in table 5.1 for both crystal
frequencies.

One property of a crystal oscillator is the low phase noise character¬

istic which makes it suitable for LO frequency generation. Noise can be
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Figure 5.16: a) Oscillator noise measurement setup, b) Oscillator

noise measurement.

below -100 dBc/Hz at a few hundred hertz from the carrier. To measure

such phase noise, two 78 MHz. thermometer-coded crystal oscillators are

set to different tuning codes so that their oscillation frequencies differ by
about 10 kHz. Their outputs are mixed down using the set up shown in

figure 5.16 a). An integrated 50f2 output buffer, amplifies the oscillator

output signal so that 0 dBm power is available to drive the diode mixer.

After the lowpass filter, the oscillator spectrum is translated to 10kHz.

The noise measurement is shown in figure 5.16 b). The measured

phase noise is the sum of both oscillators. At 300Hz frequency offset,
the phase noise is extrapolated to be -110 dBc/Hz. The phase noise

of each individual oscillator is 3 dB better with -If3 dBc/Hz. Such low

noise ensures that even after multiplication to 170 MHz, the phase noise

is about -97 dBc/Hz at 300 Hz offset, which meets known specifications

by a very comfortable margin.

5.5 Summary

The successful implementation of crystal oscillators with both a binary

weighted and a thermometer coded switched capacitor bank have been
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presented. Integration has been performed in a common double poly N-

well 1 pm CMOS technology. The use of double poly capacitors enables

the wide timing range to be achieved.

With respect to low power consumption, the thermometer coded

capacitor bank is superior at expense of larger chip area compared to

the binary weighted capacitor bank.

In contrast to the thermometer coded capacitor bank for which

monotonicity is not a problem, a correction facility may be required for

the binary weighted capacitor bank in order to guarantee monotonicity

in combination with the required sub-ppm tuning accuracy.

Both oscillators, which operate with 78 MHz as well as with 105 MHz

fundamental thickness-shear mode crystals, are suitable for a pager sys¬

tem and meet the specifications of the industry partners.
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Conclusions

This thesis is devoted to integrated RF CMOS oscillators. A thorough
treatment of oscillator theories has been performed and particular mea¬

surements have been performed that prove the feasibility of the new

oscillator theories presented in [32] and [33]. Furthermore, feasibility
studies on highly integrated LC CMOS oscillators and on highly in¬

tegrated fine tunable crystal CMOS oscillators have been performed.
The respectable performances achieved indicate that in the near future

CMOS will be the prevailing technology for RF circuits in the low GHz

frequency range.

The usefulness of the method for amplitude calculation of Colpitts
oscillators [32] has been demonstrated not only on Colpitts, but also

on Clapp and on a source coupled oscillator. The feasibility of basic

assumptions of the theory in [33] have been proven by particular ex¬

periments, performed on Colpitts and Clapp oscillators. Application of

this theory on CMOS LC oscillators enables the calculation of the part
of the oscillator noise spectrum that is caused by both, thermal channel

noise of the transistors and thermal noise of the resonator. Comparisons
with measurement are at excellent agreement.

In the frame work of a feasibility study, coils suitable for a 1 GHz

resonator have been integrated in the 1 pm SACMOS technology and

measured. A model that represents the characteristic of the integrated
coils precisely has been used for circuit simulation. This model serves
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for a simple design flow because the model parameters can be fitted to

results predicted by a field simulator.

As the 1 pm SACMOS technology uses an epitaxial grown layer on

heavily doped wafer material, the Q factor of the integrated coils is

limited to 2.5. In order to improve the Q factor of these coils, the lossy
silicon below the coils was etched away from the back. A substantial

improvement of the Q factor has been achieved by application of this

micro machining method.

The measured results of 1 GHz LC oscillators being integrated in

the 1 pm SACMOS double metal N-well technology, prove the feasibil¬

ity of this technology. While phase noise suitable for GSM applications
has been achieved using a discrete resonator circuit, a highly integrated
source coupled oscillator with on chip coil showed phase noise that is

low enough to be useful for a local oscillator signal in a spread spec¬

trum system. In case of DECT standard, suggested specification is only
missed by a few dBs.

In addition, micro machining paves the way for mixed signal inte¬

gration of sensitive analog and noisy digital CMOS circuits on heavily

doped wafer material. It has been shown that high isolation from digital
cross-coupled switching noise is achieved by etching a trench around the

analog circuits into the substrate, carried out from the back.

In the case of CMOS technologies that provide capacitances, digi¬
tally tunable LC and crystal oscillators can be integrated. Digitally tun¬

able 100 MHz crystal oscillators, which drive fundamental-wave mode

crystals, have been integrated into a 1 pm. CMOS double poly N-well

technology. A wide tuning lange, which enables the use of low cost crys¬

tals has been achieved, with a tuning accuracv in the sub ppm range.
This kind of oscillator is useful as a DCO in a frequency controlled

system as well as in a PLL.

The thesis demonstrates that a 1 pm CMOS is a suitable technology
for the integration of analog RF circuits. In the case of LC oscillators,

operation frequencies to the low GHz lange are achievable at reasonable

power consumption. Some limitations due to the low ohmic wafer ma¬

terial can be overcome bv the use of a simple post processing in order

to locally remove the substrate material.



Appendix A

Response Vu on injected

current In

As long as the offset frequency from the carrier is not too high, the

formula A.26 in [33] is achieved when terms that are of minor importance

are omitted. However, at offset frequencies Au;n beyond 10 MHz, these

terms may no longer be omitted. In fact, a great difference between the

transimpedance Ziu calculated with the foi inula A.26 and the trans¬

impedance measurement of the Colpitts oscillator has been observed at

high offset frequencies. In order to achieve more precise calculations, a

more general formula that allows calculations for various structures for

the resonator-circuit is needed.

One approach is to start at the basis of the structure shown in figure
A.l a). Suppose Vi is expressed by eq. A.l, the transistor current Is(t)
can be calculated according to [33]. It can be expressed in the form of

eq. A.2 where Iuc = Ih and GA = Guc. The terms Icc, GIICJ GA, A,c

and Ip. are given in cq. A.3 to eq. A.5 according to [33].

Vi — Vm cosuct -+- Vu cos[(a,'c A Au)t 3- <fr!(] A Vj cos{(uc — Au)t + 4A,]
(A.l)
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a b)

Figure A.l: a) General oscillator schematic, b) Simplified Colpitts
oscillator schematics.

Is(t) = Icc^m cos uct (A.2)

+IUCVU cos[(u;c A Au)t + $„] + IicV\ cos[(a>c - Au)t + <F/]

AGWCFU cos[(a;r - Au)t - $u] + G?rV) cos[(a>c + Aw)i - 4^]

Icc =
ßv^
3tt

( (2 + x°)yl — .r2 — 3.r arccos(.A

3tt
— .r-

I
ne J-lc 'ce i ^Tiu

ßVm

37T
3v 1 — .r2 — 3x arccosi x

(A.3)

(A.4)

(A.5:

The sum of the currents that flow into the node S is given by A.6 and

the sum of the voltages across the impedances AA /A and Zs of the

passive tank is expressed in A.7.

Is(t) + In A-A A I: (A. 6)

iiZi + i\Zs ~~~ I2Z2 — 0 (A.7;

The noise voltage components Vu and Vj of Vi are caused by the noise

current /„ in eq. A.8. where L/ and I~ are given in eq. A.9 and cq. A. 10.

In the case of the experiment with only one sinusoidal current signal for

/„, the term I~ (uc — A) is zero.

/„ = Iff (uc + Au;) A I// (uc - Au, :a.s:
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7+(7) = 1+cos[(uc3-Au)t + $//} (A.9)
= 77j cos[(u>c A Au)t cos <F+ - I// sm[(wc + Au)t sin 4A

In® = In C0S[(UC ~ Au)t + $-] (A. 10)
= 7„ cos^üjf — Aw)f cos$~ ~ I» sin[(wr — Au)tsin$>~

The sum of 7A and I2 of the passive tank can be expressed in the form

of eq. A.ll.

h+h = KccVm cos(uct) + KcsVm sm(uct) (A. t i)

+ KucVll cos[(u>c + Au)t + $u] A KUbVu sin[(u;c + Au)t A $u]

AAT^V"/ cos[(u;c - Au)t + $/] A KiA'l sin[(u>c - Au)t 3 $/]

The term 7fcc equals —ICc because the sum of the cos(u>c) terms in

eq. A.2 and eq. A.ll equals zero. Similarly, the term Kcq equals zero

because a sin(u;c) term only appears in eq. A.ll.

Kcc - -1er Kcs = 0 (A.12)

Because terms of the form cos[(u>c ± Au;,,) ± 4>*] can be rewritten to

cos(u;r A Au>n)tcos4A =f sin(uc ± Aun)tsin4>* and similarly those of

the form sin[(u;c ± Aun) A 4>*] to sin(u,'c A Aun)tcos§>* A cos(u;c ±

Au;n)£siii4A, application of Kirchlioff'A current law in eq. A.6 and

Kirchhoff's voltage law in eq. A.7 lead to the four equations in eq. A. 13.

0 = A cos(u>c + Au;)f -f B sin(u-'c -J- Au)t

AC cos(ut - Au)t A D 3u\(uc - Au)t (A. 13)

A, B, 0 and D are expressed in eq. A.14. where the terms Ai .. Bs are

given in eq. A. 15. The term As equals Bs because Gic equals Gvc.

A = 0 == AiVv cos <!>„ 4- A2VU sin$u + A3V1 cos $/ + 7+ cos $,{~
77 = 0 = —AiVu sin <1>U -l- A2IA cos $„ + A3 VJ sin 4>/ - 7+ sin $+

C = 0 = TAC/ cos #/ + TAI/ sin $/ + i73Iru cos 4>u + 1,7 cos <Fn~
I) = 0= —Bi\) sin $; + B2V cos <!>/ + BsVu sin $u - 7,/ sin <F?J

(A.14)
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Ai = Kuc + 7„c TA = K,c + lie

A2 = Kus B2 - Kis

As = GJc Bs = GAC (A.15)

The solution of A.14 delivers eq. A. 16 where Anux is shown in A.17.

rr2 7?7 (B{ 3- T?g) A Iff (Tg) 3~ 2Amvc
"
~

\Bl A Bl){A\ A Al) A A\{A\ - 2T1T?1 -~2A2B2)
' 'j

-4nï?T = AsB2 (cos 4>^| sin $7 A sin 4A~ cos 4>~)

+A3T?i(sin4%~; sin$7 - cos 4\/ cos $,7) (A.17)

In the case of zero In cq. A.16 simplifies to eq. A.18.

V/f
_

T?; + B'j
T+2

"

(S? A Bl)(Aj + Äzf) + .Al(Az] - 2AX Bx - ~2A2B2)
(A.18)

To determine the transimpedance Zfu — Vi/T„ of the Clapp oscillator,
the schematics of the tank in figure A.l b) serve as the basis for the

calculations. The equation A.7 results in eq. A.19 that substituted into

7i4-72 leads to eq. A.20 where y stands for uct. (uc + Au)t or (uc — Au)t
due to the three frequencies of IA that are considered.

V2 = -V1- CtRsVi - CALsV - -^M-^^yV^1 (A-L9)
1 A C£Rpy2

h + h = -5-Vi.
CiRq CiTZ

(Ci A CS A —p^- A Tr^-rv~T7^— )V
1-^5 MAP

ßt '"/?t(l + C|R|,2/:

^A _u ^zp}2l33l31^(3!33RP
Rt

'

Rt(l + C2qR2py2)

A (C&Rs +-^ + ^t^f^^t^Wl

+ ^^iTl^^ (A-20)

In eq. A.20, Vf can be written as —y2\\ and 73/7AVi as -~y2Vi. \\ in

the form of eq. A.l can be substituted into eq. A.20 and then brought
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into the form of eq. A.ll. The latter, together with cq. A.2 and eq. A.8

introduced into eq. A.6, enable comparison of coefficients for sine and

cosine terms for uct. (uc + Au)t and (uc - Au)t. The cosu>c coefficients

7CC 3- Kcc deliver determination of x while the sinu>c coefficient KLS)
which equals zero, allows determination of the oscillator frequency uc.

The terms Kuc in eq. A.21 as well as A"!/s in eq. A.22 differ from

the terms K\c and A"/s. respectively, only in the frequency for y which

is uc 3- Au in the previous and uc
— Au in the latter case indicated by

the suffix u and /, respectively. Introducing eq. A. 15 into eq. A. 18 leads

to the final solution. Unfortunately, it is rather complex, so that it is

not convenient to be reproduced here, but it is suitable for numerical

calculations of ZfU such as for those in 3.2.4

_l ir r r 4-
(^1^JS

i
RtRpCiCi — CiCsRp

Rt
~

[ l 2 s

Rt Rt(l 3 C2Rpy2j
7(AC = — - (CiC2RS A —f^— A TT7TT-^2-^2TzT^)y (A.2L)

C iRs ( iRp

~r~T~

^

i^TiTcppr

A- = (ci + °2 + -^
+

—,i-r^Wrfr^)y

s-i r< /~* p2

Under the assumptions that, first. Rp will be high enough so that

CgRpu^ >> 1 and second, that the offset frequency Au;/(2tt) is not

too high so that on one hand 2Au?/u;o << 1 and on the other hand

(uc + Au;)3 « uA + 3Au;, then KUb % — A"/.,. Kuc ^ Kjc ~ Kcc and

Kuc 3 Iuc ~ Guc where Kuc « 77cc. These approximations inserted into

eq. A. 15 pioduce A2 ~
- ZA and Ai % 7?i ^ A3 — Z?3. Equation A. 18

reduces to eq. A.23 where Ai and At aie given in eq. A.24 and eq. A.25.

K2 ^1 A A^

T+2 ^(4A1+A^;

AVm 2ü,2

(A.23)

^1 = V^U-^ ) (A.24)

A2 - (d + C2 A ^r^ A -^t^-f- + -7r^)2Aa; (A.25
lit ^7C gRpht 0 5
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With Rp and Rt infinite, eq. A.25 simplifies to (C13-GJ2+C1C2/Cs)2Au.
If in addition Cs m eq. A.25 is infinite, equation A.26 reported in [33]
will be achieved.

V2
_

/72Un27(l - x2f A (G\ + C2)2367r2AuA)

^p
"

(Ci + C2)236tt2Au2)(Wv2(1 ^/^y + (Ci 3 C^m^Au2)
(A.26)

When In is caused by noise /"+ is completely uncorr elated to 77 and

the Vv can be determined using eq. A.27 because the products 2AmiT
in eq. A. 16 equal zero.

v2 __

In (ffi A Bo) A In A% , ,

"

(B2 + B2)(A\ + A2) + A2(A2 - 2AÏBi - 2JVB2)
{ '" )

Close to the carrier the term A2 «
— TG and Ar « TA « A3. Then

the denominator of eq. A.27 leads to the one in cq. A.23 and eq. A.27

simplifies to eq. A.28.

T/-J Vi 1^1 + ^2) ^ In ^1 /a oq\
u

__=

—^IMTa^ (a-28)

Furthermore, for noise spectrum calculations under the assumption that
ry ry

x

7+ and 77" are caused by thermal noise so that their rms value are

equal and that they are not correlated to each other, then close to

the carrier the expiession 7+„~(Af + A2) + I~~A\ in eq. A.27 can be

simplified to (7+,C 4- l3~)^ï since A2 << A2. Because A2 can be

omitted the denominator in eq. A.27 simplifies to 4Api2. Then Vv can

be calculated by eq. A.29 and eq. A.25.

v; - g (A.29)



Appendix B

Nonlinear analysis of the

source coupled oscillator

The question arises howT to calculate the optimum width for the tran¬

sistors Mi and M2 with respect to minimum power consumption for a

specific supply current Iß. In contrast to the analysis of the Colpitts
oscillator, additional unknowns have to be solved in the case of a source

coupled oscillator. Unknowns are the DC gate source voltage Vp and

the individual average currents IayGi and 1avg2 oi" each individual

transistor Mi and AG shown in figure B.l a). But only the sum of

these average currents, denoted with Ip, is known. Further unknowns

are the amplitudes Vmx and Vm> of the gate source AC voltage of both

transistors.

The goal of the following calculations is to determine the parameters

Vn, I weh-, IavGo- Vn)l and V,ll2. When known. Vonr can be calculated

numerically as a function of the transistor width Wi arrd W2 for a

specific supply current. Using this method, the optimum width of the

transistors for maximum oscillator output voltage can be determined.

The output voltage Vovr G the product of the AC! current 7aVl times

the output resistance in parallel to the load resistance of the oscillator.

ILücl and 7^ arc the fundamental AC current components of G and

72 at carrier frequency uc produced by the transistors AG and AT? see
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a)

rV

R3Û

C-j

QRi

4R,

G

V
1

—• S

v2

GND

Figure B.l: a) Simplified schematic of the source coupled oscillator,

b) Passive resonator-circuit.

figure B.l a). Their sum, injected between C\ and G2, contribute via the

transimpedances l/gmCl and l/ymCl of the resonator to the amplitudes

Vmi and Vm2 of the gate source AC voltages across Gl and C2. A further

contribution to these voltages occurs due to the product of the injected
AC drain current of M2 and the transimpedance 1/Ya of the resonator

between the A node and ground in figure B.l. Approximation of these

three transimpedances are given in eq. B.l to eq. B.3 whereas eq. B.4

to B.IO are the exact equations. The impedances Zi, Z2 and Zs are

defined in figure B.l b).

9m a. u2C1C2(Ri + R2 + Rs ;b.i)

9mc2 -G|(T7i + i?2 + R3;

VA «<Cr(TG AAA ATA

:b.2)

. J3.0 i

9mc\

Z>2 (Zi 3~ Zs ) ~~~Zi Zlz2

Zi + zA A A3 Z*i + A3 Z11 3" Z'2 A Zs
(B.4)

9mcx = -{Ri A T?2 A T?3).s'2G1G2 = (AG + R2 3 Rz)u>'2CvC2 (B.5)

| 7/7 1 7 \

= ZolK^l +Z3) = —

-—;
——

7n)c2 /n A Z2 A Z3
(B.6)
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gmc, = 7-1
^±i^t7AA

~ (Ä + Ro +
TG)u;2C92

(B.7)
"

(^l+T72)(T71+T73-^7)
V 3; 2 ^ }

^r={7n + Zo)\\Zs - ^l^L (B.8)
t 4 /}i_+Z/2 + ^3

v L ^
h i >Ct/v- ° sCi sCi'

(B.9)

77 Co
CT = 7p1r7r (B.IO)

Ci T" Co

Suppose the gate source, drain gate and the junction capacitances
are proportional to the transistor width, then the capacitances Ci and

G2 can be expressed by eq. B.lf and B.12.

C1 = WiK1 (B.U)

C2-W2K2 (B.12)

Using the theory in [32] for both transistors AG and AG. the amplitude
of the fundamental gate source voltages U„u and Vm2 can be calculated

by eq. B.13 and eq. B.f 1.

_

Vmi --
-^1-^i

+ f'-^yr (B.13)
9mci G Ci + ( 2

r„l3 = C^C-+^ A/A (b-14^
9mc2 Gl A + A

The amplitude of the fundamental drain AC curient TUtl and Gl2 is

given by eq. B.15 and B.16.

Gcl -^^[(2 + ^1)/G^'2^3.r1arccos.rl)] (B.15)
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7^, —

—

"m2 [(2 + x2) \/l — x2 — 3x2 arccos x2)] (B.16)
s».

The supply current Ip is the sum of the average drain currents Iavgx
and Iavg2 °f each individual transistor.

Ib = -GivGx A 7^ g, (B.17)

IavGx and Gi/Gj are determinable by eq. B.18 and eq. B.19 where ,ri

and ,C2 arc defined in eq. B.20 and eq. B.21.

Iavg, = ^^[(f 7 2^ arccos si) - 3xlx/T^ x2} (BAS)
v

v
•

A,

-O T 7" 3

Iavcp =
^-^ [(1 A 2j?| arccos x2) - 3x2 \/l - x22) (B.19)

^ = TAA^TI (B.20)
Vml

Vp — Vp
Xo = (B.21)

By substitution of the terms ßiV^ and AG',2, in eq. B.15 and eq. B.16

by cq. B.22 and eq. B.23, the amplitude of the currents T^0l and IiL,c2 can

be written in the form of eq. B.24 and eq. B.25, for which the simplifi¬
cation in eq. B.26 can be used. For this simplification, the substitutions

designated by Ai. A2. 771 and TG in eq. B.18. eq. B.19. eq. B.15 and

cq. B.16 have been used.

ßiV2L = L^làl (B.22)
Ai

32V22 - '^él (B.23)
A~>,

IiYG^nBi 5-t-.i*i
m>>4\

C,cl = — Si lAYGy—z. (B.24)
^11 on Ô
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T
_

T

AVG2 4ttT7,

A^Sit
IAVGo

5 + .«2

(B.25)

BIA& (5 + .G/4 (B.26)

Substitution of Z^cl and 7^,r2 in eq. B.13 and eq. B.f4 by eq. B.24 and

eq. B.25 leads to the equations in eq. B.27 and cq. B.28, where Iavg?
has been replaced by eq. B.29.

T,
(5 A x\) Iavgx

,
if> A x2) ,

T

Vmi
=

Ô 1 ' Ö V-^B ~ liVGi.
3 9mc\ 3

-L G9

LSWL (Ci + C2)YA

(B.27)

V
—>/w2

(5 + xi) GiVGi
:

(5 A a;2)
3 7r 3

Ub-/AVGi
l9mc2

Ci

(Ci A C2)YA
(B.28

AVGr is-/AVGi (B.29)

The approximation for \[A according to eq. B.30 at an error of less than

±20 % for -f < x < 0.6 enables Vmi and Vm2 in cq. B.22 and eq. B.23

to be written in the form of eq. B.31 and eq. B.32.

/A « 6/5(1-.r) (B.30)

Vmi
Ik I iVCP 0

LA 6 I - x
(B.31)

771 2

AttTAVGo J

6, 6 f Xi
(B.32)

Introducing eq. B.20 and eq. B.21 into eq. B.31 and eq. B.32, x\ and x2

can be expressed by cq. B.33 and eq. B.34.

VA - \
xi

B 6

4ttT n Gi

V^i-(l-^T) (B.33)
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To
VT-VB

\J3tx(Ib ~~~ IAYGi.

02r(l-r2; (B.34)

Substitution of the terms on the left side of the parenthesis in eq. B.33

and eq. B.34 by G%1 and CX2 (eq. B.35 and eq. B.36) lead to eq. B.37

and eq. B.38 for xi and x2-

C -

Gi
—

vT- V B

IttT.41 Gi
Ôij^(Vt--\33)Dit

-

VB U\ (B.31

Cx? ==^=^==^1 ^ (V - VB)D2
3tt(1B - lAYGj b

(B.36)

,ri

G

l + CZl
(B.37)

,ro

C

l + OG
(B.38)

After substitution of Vnll and Vm2 in eq. B.27 and eq. B.28 by eq. B.20

and eq. B.21, equation B.39 and eq. B.40 are achieved, where in eq. B.27

and eq. B.28 xi and x2 have been omitted.

Vt -- Vb
_

5
"

~

3Xi

21avg !
Ib

T T
x G2

+ lG
- t lFGiJ7

9m Ci. 9m c. (Ci A C2)Y

F,

(B.39)

VA - Vb 5

•Co

27 ri Gx. Ib

9m es 7

A (7b - T41 (7t)
Ci

771 Co (Gj + C2)Y
—V*-

T2

(B.40)

Introduction of eq. B.37 eq. B.38 into eq. B.39 and eq. B.40 leads to

eq. B.4f and eq. B.42.

Ei « — A (IG - VA)
131

(B.41)
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T72 ^ ^ + (VT - VB) (B.42)
1J2

Both equations, eq. B.41 and eq. B.42 solved for (Vt — Vb) lead to

eq. B.43 that allows numerical calculation of IavGi-

0 = 77 -

i-
- Go +

-i- (B.43)
7G D2

The current IavGi reintroduced into eq. B.if leads to Vb- From that,

xi and x2 can be calculated from eq. B.37 and eq. B.38. Introduced

into eq. B.24 the output voltage Vovt can be calculated. In addition

xi and x.2 introduced into eq. B.27 and eq. B.28 leads to the amplitudes

Vmi and Vm.2.
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